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Chapter 1
MOTIVATIONS AND OBJECTIVES
Nowadays smartphone business domains the market and it is growing year after year. That’s why lots of
companies work against time in order to develop better, smaller and cheaper technologies to adapt to this
market. In RF-MW engineering we face up the design of a lot of components for those technologies, one
of the top, the filters. Not only used inside smartphones also in base stations.
Receive (Rx) Filters are used to eliminate the out of band signals prior to amplification by an LNA and
down conversion by the base station.This project is aimed to ascertain, study and design a cavity filter
with placed transmission zeros with similar characteristics to the commercial one.
In addition to the catalog standards, custom designs normally are generated to support specific customer
requirements. Further customization through integrated solutions provides improved performance and
reduced physical size while simplifying customer procurement. This means that being able to design a
cavity filter for a determined band of frequency and concrete characteristics means being able to repeat
and modify the process for almost any band and therefore have the ability to manufacture customized
filters.
Main idea is to show and understand the design process of a generalized Chebyshev response filter. After
that, develop a Matlab program that given a filter specifications by the user autocratically gives the filter
parameters for design ( polynomials, matrices, couplings...). And finally show how to implement those
parameters on a real circuit in order to being able to manufacture a physical filter. Before manufacturing
there is always a step of validation, and that is why in the final section of the final chapter of this project we
will try to implement the designed filter in HFSS EM simulator and it would be nice to have it matching
as much as possible with the real filter measurements, previously measured with a network analyzer.
In order to accomplish those objectives, some previous requirements are needed and also take part of the
objectives:
• Knowing nodal filter representation and design methods of those filters as well as polynomials and
coupling matrices design.
1
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• Knowing coupled circuit filters structure and how to design them from previous calculated cou-
plings.
• Knowing the optimum parameters of meshing and error in order to be able to compare filter simu-
lation with measurements.
Finally, this project main objectives will be:
• Show and understand the design process of a generalized Chebyshev response filter.
• Develop a Matlab program that given a filter specifications by the user automatically gives the filter
parameters for design.
• Implement the filter in coaxial cavity technology and try to simulate it with 3D HFSS simulator.
1.1 Memory structure
This memory is composed by 6 chapters, and they are structured this way:
Chapter 2. Filter introduction: Filters are introduced in general as well as its main characteristics and
parameters of design. Then Chebyshev response is presented including an introduction to general Cheby-
shev response. The Chapter ends with a presentation of the filter of reference that will be tried to be
designed.
Chapter 3. Synthesis of a general class of the Chebyshev filter function: characteristic polynomials for
a lowpass filter network are are deeply explained, calculated and checked by calculating with them the
transmission and reflection parameters and plotting them observing the persecuted response.
Chapter 4. Coupling matrix synthesis of filter networks: The calculation of coupling matrix from previ-
ously obtained characteristic polynomials is deeply explained and calculated. Finally re-configuration of
the calculated matrix is explained and performed in order to adapt the matrix to the proper configuration
we are going to implement the filter.
Chapter 5. Physical realization of the coupling matrix: Coaxial resonators technology is introduced.
Then method to obtain the couplings calculated in previous chapter matrix with coaxial resonator is
explained and applied. The chapter ends with an introduction to HFSS meshing critical points and an
explanation of steps to simulate the filter in HFSS.
Chapter 6. Conclusions: This chapter closes the project highlighting the main results obtained during the
realization of it and proposing future work.
2
Chapter 2
FILTER INTRODUCTION
Filters are key elements in all communications devices. A filter is a two-port device, whose main mission
is to select / reject a particular frequency band wanted / unwanted. That’s why there are different types of
filters, depending on the frequency bands that wish to eliminate, mitigate or select. We can classify them
in terms of their function in four categories: low pass, high pass, band pass and stop band.
Because of the goals of this project in this chapter are presented the bandpass filters. In1 and2 you can
find all the necessary information for a more complete version of the filters here mentioned.
Bandpass filters serve a variety of functions in communication, radar and instrumentation subsystems.
Of the available techniques for the design of bandpass filters, those techniques based upon the low pass
elements of a prototype filter have yielded successful results in a wide range of applications. The low
pass prototype elements are the normalized values of the circuit components of a filter that have been
synthesized for a unique passband response, and in some cases, a unique out-of-band response. The low
pass prototype elements are available to the designer in a number of tabulated sources and are generally
given in a normalized format, that is, mathematically related to a parameter of the filter prototype.
LOW PASS PROTOTYPE FILTERS
In communications systems, filter networks are required to transmit and attenuate signals in specified
frequency bands. Ideally, this must be accomplished with the minimum of distortion and loss of energy
of the transmitted signal. The synthesis of filter networks is carried out by developing lumped lossless
lowpass filters that are normalized in terms of frequency and impedance, and terminated in resistors of
equal value. By scaling in frequency and amplitude, it is then possible to derive filter networks over any
desired frequency range and impedance levels. This simplifies the design of practical filters regardless of
their frequency range and how they are realized physically. The lowpass prototype filter is normalized to
a cutoff frequency of 1 radian per second and terminated in resistors of 1 Ohm.
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Low pass prototype filters are lumped element networks that have been synthesized to provide a desired
filter transfer function. The element values have been normalized with respect to one or more filter design
parameters (cutoff frequency, for example) to offer the greatest flexibility, ease of use and tabulation. The
elements of the low pass prototype filter are the capacitors and inductors of the ladder networks of the
synthesized filter networks as shown in Figure 2.1.
The two possible implementations of the low pass prototype filter topologies. In both cases, the network
transfer function is
T (s) =
e2(s)
e1(s)
(2.1)
where s = σ + jω , the Laplace complex frequency variable.
Clearly, the transfer function, T(s), is a polynomial of order n, where n is the number of elements of
the low pass filter prototype. The illustrated circuit topologies represent a filter prototype containing an
odd number of circuit elements. To represent an even number of elements of the prototype filter, simply
remove the last capacitor or inductor of the ladder network.
Figure 2.1: Circuit topologies of low pass prototype filters.
RESPONSE TYPE
Butterworth and Chebyshev responses are the most common response types. With Butterworth one, the
response is a flat in the passband but has less abrupt transition band. However, the Chebyshev response
has a certain ripple in the pass band, but the transition band is more abrupt. In the case of Figure 2.2,
represents a 3 dB Chebyshev ripple, so the cutoff frequency matches a -3 dB gain, although it is not
always necessarily this way. For instance, if the ripple was 0.1 dB, cutoff frequency would be at -0.1 dB.
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For a lowpass filter, the number of peaks is n / 2 where n is the order of the filter. Therefore, from Figure
2.2, one could infer that it is a filter of fourth order.
ORDER
The number of reactive elements is determined by the order of the filter, n. The more the order, the better
the answer at expenses of increasing cost and size. The order is determined by the attenuation needed
at a certain frequency, LAS. If this frequency is close to the passband and high attenuation is required,
the minimum order required will be greater. This is determined by the equation 2.2 for Chebyshev and
equation 2.3 to Butterworth.
n≥
cosh−1
√
100.1LAS−1
100.1LAR−1
cosh−1Ωs
(2.2)
where LAR(dB) is the ripple in the passband and LAS(dB) is the minimum stopband attenuation.
n≥ log(10
0.1LAS −1)
2log(Ωs)
(2.3)
RETURN LOSS, RL
Another important factor to take into account the design of filters are the return loss, which are the power
losses experienced by the signal due to the reflection and return part of it. It is usually expressed in dB:
RL(dB) = 10log10
Pi
PR
= 10log10S11 (2.4)
So, this parameter gives an idea about the filter’s quality level in the passband. The more RL the more
transmission in passband.
INSERTION LOSS, IL
It is defined as the loss of signal strength resulting from the insertion of a device in a transmission line
and is usually expressed in dB:
IL(dB) = 10log10
PT
PR
= 10log10S21 (2.5)
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Figure 2.2: Chevyshev and Butterworth lowpass typical transmission response.
2.1 Chebyshev Response
Because we cannot have a zero loss over the entire passband without violating the causality conditiona, it
is only possible to have a zero loss at a finite number of frequencies. Such frequencies are referred to as
reflection zeros, for which no power is reflected. An obvious consequence of this is that all the reflection
zeros of the filter function are confined to the passband, as shows Figure 3.3. Furthermore, the magnitude
of the maximum reflected power over the passband (Return Loss) serves as a design parameter.
For purposes of illustration, an example representing a Chebyshev filter is offered. The power transfer
function of the Chebyshev filter may be represented by
T ( f ′) = 10log{1+ εcos2[ncos−1( f ′)]} f or f ′ ≤ 1.0 (2.6)
T ( f ′) = 10log{1+ εcosh2[ncosh−1( f ′)]} f or f ′ ≥ 1.0 (2.7)
and
ε = log−1
(
LAR
10
)
−1 (2.8)
These equations represent the power transfer function of the Chebyshev low pass prototype filter with
normalized filter cutoff frequency f’ of 1.0 Hz.
To construct the filter at another frequency (1.0 GHz, for example) and circuit impedance level (R0 =
50Ω), the element values must be adjusted (de-normalized) in accordance with
aAll filter functions that are described by a ratio of polynomials are causal. This math function can be decomposed to a sum
of fractions as in partial fraction expansion. Then the Laplace transform is made of each term to predict the time response. All of
these are simple exponential or sinusoidal time functions.
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C1 =
R′0
R0
1
2pi109
g1 (2.9)
L1 =
R0
R′0
1
2pi109
g2 (2.10)
In addition to the tabulated data of low pass prototype filter elements, the values for these elements may
be computed via execution of the equations found in3.
A lowpass filter may be converted to a bandpass filter by employing a suitable mapping function. A
mapping function is simply a mathematical change of variables such that a transfer function may be
shifted in frequency. The mapping function may be intuitively or mathematically derived. A known low
pass to bandpass mapping function may be illustrated mathematically as
f ′ =
1
FBW
(
f
f0
− f0
f
)
(2.11)
FBW =
∆ f
f0
(2.12)
where f0 =
√
f1 f2 and ∆ f = f2− f1 f0, f1 and f2 represent the center, lower cutoff and higher cutoff
frequencies of the corresponding bandpass filter response, respectively.
The schematic diagram of the bandpass filter, which was derived from the low pass prototype filter via the
introduction of complementary elements and producing shunt and series resonators, is shown in Figure
2.3 This is a basic low pass to bandpass transformation, and unfortunately sometimes leads to component
values, which are not readily available or have excessive loss.
Figure 2.3: Chebyshev bandpass filter schematic.
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2.2 Generalised Chebyshev Response
Modern filter synthesis allows the placement of transmission zeroes by the designer. Filters may be
designed with asymmetrical responses to most efficiently attenuate low side or high side signals. Sym-
metrical responses are used where both lower and upper attenuations are important. This design is also
useful where there are specific single frequencies to remove.
A filtering function with all transmission zeros,TZs, at infinity is called an all-pole function, and the most
classical ones are the Butterworth and the Chebyshev filtering functions, seen above. On the other hand,
introducing some TZs at finite frequencies, which tends to increase the selectivity of the amplitude re-
sponse, generates different filtering functions, like the Generalized Chebyshev. The comparison between
Chebyshev order four and Generalized Chebyshev order four with two TZs response is observed in Figure
2.4.
During the next chapters will be explained in more detail this response, its characteristics polynomials
and how to implement it in a coupled circuit.
Figure 2.4: Comparison between order four Chebyshev response and order four with 2Tz generalized
Chebyshev response (transmission in red and reflection in blue).
2.3 Filter of design
WF-00004 PCS Fullband Rx Filter from Lorch is taken as a reference in this project. We will try to
design this filter with the methods explained along this project taking from a starting point this filter
specifications.
Lorch Microwave’s Wireless Products consist of transmit filters, receive filters, duplexers, harmonic sup-
pression filters and integrated assemblies designed to exacting specifications and primarily used in infras-
tructure environments. Catalog standards and off the shelf availability provide cost effective solutions to
the telecom industry. These units incorporate standard air dielectric designs and custom high Q ceramic
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dielectric designs. In addition to the catalog standards, custom designs and generated to support specific
customer requirements.
Cavity filters, explained in Chapter 5, are capable of high selectivity even under power loads of at least a
megawatt. In the microwave range, cavity filters become more practical in terms of size and a significantly
higher quality factor than lumped element filters. They are widely used for satellite and base station
applications.
Lorch Microwave’s cavity filter designs are available in the frequency range of 30 MHz to 40 GHz and
with bandwidth options from less than 0.5% to over 66%. Cavity filters offer the user very low insertion
loss, steep skirt selectivity, and narrower bandwidths than discrete component filters. Cavity filter perfor-
mance is based on parts selection and physical layout of the helical coils, resonators, as well as the shape
and size of the cavity housing.
Standard cavity filters generally are designed using aluminum as the base metal. As most raw metals are
inherently lossy, filter housings are silver plated for improved electrical characteristics and current flow.
Brass, copper, aluminum or bi-metal resonators are used to minimize frequency drift over temperature.
WF-00004 PCS FULLBAND RX FILTER
Lorch Microwave’s WF-00004 PCS Fullband Rx Filter, shown in Figures 2.6 and 2.5, offers low insertion
loss and high attenuation in the Tx band. This filter is compact in size and is well suited for many base
station and laboratory applications. It is available with temperature compensation and weather proofing
for use in more extreme conditions.
Figure 2.5: WF-00004 PCS Fullband Rx Filter.
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Figure 2.6: WF-00004 PCS Fullband Rx Filter without top cover.
WF-00004 ports have been connected to PNA-X network analyzer and we have been able to measure
reflection and transmission parameters. From this measurements, shown in Figure 2.7, specifications are
fixed, as shown above. Along this project the filter that is being designed is often compared with this and
the persecuted response is based on the measurements shown.
The lowpass specifications for the filter of design will be:
• Generalized Chebyshev filtering function response.
• Order: N = 8.
• Return Loss: 20 dB.
• Transmission Zeros: [1.80866 1.82914 1.9285 1.9388] GHz, with equation 2.11→ [-2,327 -1,6542
1,5055 1,8237] rad/s.
• f1 = 1.84928GHz and f2 = 1.91225GHz, with equation 2.12→ f0 = 1.8805GHz and FBW=3.35%
10
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Figure 2.7: Filter measurement with PNA-X network analyzer shows transmission and reflection para-
meters.
11

Chapter 3
SYNTHESIS OF A GENERAL
CLASS OF THE CHEBYSHEV
FILTER FUNCTION
In this chapter, some important scattering parameter relations that are relevant for the synthesis of filter
networks are reviewed. This is followed by a discussion of the general kind of Chebyshev function and its
application in generating the transfer and reflection polynomials for equiripple filter characteristics with
an arbitrary distribution of the transmission zeros.
3.1 Polynomial forms of the transfer and reflection parameters S21(s)
and S11(s) for a two-port network
For the great majority of the filter circuits, it is initially considered two-port network; a “source port” and
a “load port”, Figure 3.1.
For a two-port network, the scattering matrix is represented by a 2 x 2 matrix
[
b1
b2
]
=
[
S11 S12
S21 S22
][
a1
a2
]
(3.1)
where b1 and b2 are the power waves propagating away from ports 1 and 2, respectively, and a1and a2
are the power waves incident at ports 1 and 2, respectively.
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Figure 3.1: Two-port network.
If the network is pasive, lossless, and reciprocal, its 2 x 2 S-parameter matrix yields two conservation of
energy equations
S11(s)S11(s)∗+S21(s)S21(s)∗ = 1 (3.2)
S22(s)S22(s)∗+S12(s)S12(s)∗ = 1 (3.3)
And one unique orthogonality equation
S11(s)S12(s)∗+S21(s)S22(s)∗ = 0 (3.4)
where the S parameters are now assumed to be functions of s(= jω), the frequency variable.
As described in4 in more detail; the input impedance of a terminated network is a positive real function,
and its normalized impedance z can be expressed as
z(s) =
n(s)
d(s)
(3.5)
where n(s) and d(s) represent the numerator and denominator polynomials and z(s) is a positive real
function. Thus reflection coefficient p can be defined as
p(s) =± re f lected wave
incident wave
=
z(s)−1
z(s)+1
=
n(s)−d(s)
n(s)+d(s)
=
F(s)
E(s)
(3.6)
The three polynomials are referred to as the characteristic polynomials. For lowpass prototype filter
networks, their properties are summarized as follows:
1. F(s) is a polynomial with real coefficients, and its roots lie along the imaginary axis as conjugate
pairs. F(s) can have multiple roots only at the origin. The roots represent frequencies at which no
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power is reflected, often termed reflection zeros. At these frequencies, the filter loss is zero, and
F(s) is a pure odd or even polynomial.
2. P(s) is a pure even polynomial with real coefficients. Its roots lie on the imaginary axis in conjugate
pairs. Such roots represent frequencies at which no power is transmitted, and the filter loss is
infinite. These frequencies are often referred to as transmission zeros,TZs, or attenuation poles.
3. E(s) is a strict Hurwitz polynomial, as all its roots lie in the left half of the s plane.
In the synthesis procedure, polynomials F(s) and P(s) are normalized so that their highest coefficients are
unity. This is accomplished by extracting the highest coefficients of these polynomials and representing
their ratio as a constant factor that can be readily absorbed within the ripple factor.
As described in4 in more detail; the reflection parameter S11(s) at port 1 of the network is expressed as
the ratio of two finite-degree polynomials E(s) and F(s), and real constant εR
S11(s) =
F(s)/εR
E(s)
(3.7)
where E(s) is an Nth-degree polynomial with complex coefficients e0,e1, ...eN where N is the degree of
the filter network under consideration. Also F(s) is an Nth degree polynomial with complex coefficients
f0, f1, ... fN .
εR allows the normalization of the highest degree coefficients of E(s) and F(s) to unity (i.e., eN and
fN = 1). Because this is a lossless passive network, E(s) is strictly Hurwitz; that is, all the roots of E(s)
[poles of S11(s)] are in the left half of the complex plane.
By reorganizing equation 3.2 and substituting for S11(s), it can be obtained
S21(s)S21(s)∗ = 1− F(s)F(s)
∗/ε2R
E(s)E(s)∗
=
P(s)P(s)∗/ε
E(s)E(s)∗
Thus, the transfer parameter S21(s) can be expressed as the ratio of two polynomials
S21(s) =
P(s)/ε
E(s)
(3.8)
where: P(s)P(s)∗/ε2 = E(s)E(s)∗−F(s)F(s)∗/ε2R
From equations 3.7 and 3.8 it is seen that S11(s) and S21(s) share a common denominator polynomial E(s).
The numerator of S21(s), polynomial P(s)/ε , whose zeros are transmission zeros (TZs) of the filtering
function. The degree n f zof the polynomial P(s) corresponds to the number of finite-position TZs that the
function transfer incorporates. This also implies that n f z < N; otherwise, S21(s) exceeds unity as s→ j∞,
which is, of course, impossible for a passive network.
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3.1.1 Realization of a TZ (transmission zero)
A transmission zero can be realized in two ways. The first case occurs when the degree n f z is less than
the degree N of the denominator polynomial E(s), and s→ j∞. At s→ ∞, S21(s) = 0 and this is known
as transmission zero at infinity. When 0 < n f z < N, the number of TZ at infinity is N-n f z.
The second case occurs when the frequency variable s coincides with an imaginary-axis root of its nu-
merator polynomial P(s), that is s = s0iwhere s0i is a purely imaginary root of P(s). The zeros are not
necessarily on the imaginary axis, and if there is one root s0i, that is complex, there must be a second root
−s∗0i to make up a pair having symmetry about the imaginary axis.
Consideration of the orthogonality unitary condition provides an important relation between the phases
of the S11(s), S22(s), and S21(s) polynomials, and between the zeros of S11(s) and S22(s) in the com-
plex plane. If we apply the reciprocity condition S21(s) = S12(s) to the unitary conditions described in
equations 3.2, 3.3 and 3.4 it is obtained
S11(s)S11(s)∗+S21(s)S∗21 = 1 (3.9)
S22(s)S22(s)∗+S21(s)S∗21 = 1 (3.10)
S11(s)S21(s)∗+S21(s)S∗22 = 0 (3.11)
These vector quantities are writen in polar coordinates and a series of equation rewritting is done with
detail in4 and the following important relationship is obtained:
−θn21(s)+ θn11(s)+θn22(s)2 =
pi
2
(2k±1) (3.12)
Where θn21(s),... are the angles of the numerator polynomials of S21(s) etc.
This equation states that at any value of the frequency variable s, the difference between the angle of the
S21(s) numerator vector, and the average of phases of the S11(s) and S22(s) numerator vectors must be an
odd multiple of pi/2 radians, that is, orthogonal. Some properties and rules are extracted from 3.12 in4
and one is important for this project, specially for the later formation of polynomial P(s). Associated with
the orthogonality condition; when the highest-degree coefficients of the Nth-degree polynomials E(s) and
F(s), and the n f z(≤N)-degree polynomial P(s) are normalized to unity (monic polynomials), then the P(s)
polynomial must be multiplied by j when the integer quantity (N−n f z) is even. In other words, (N−n f z)
must be odd. When N−n f z is even, an extra pi2 rad must be added, adding pi2 to θn21(S) is equivalent of
multiplying P(s) by j.
So, we can now calculate polynomial P(s) as a first step of design of the filter. The roots of the polynomial
P(s) are directly the transmission zeros, which we already know, and (N − n f z) is even so it must be
16
3.2. RELATIONSHIP BETWEEN ε AND εR
multiplied by j, so P(s) = (s+ 2.3271 j)(s+ 1.6542 j)(s− 1.8238 j)(s− 1.5055 j). We can easily know
P(s) coefficients using Matlab function poly, that output the polynomial of the given roots, and we obtain
that P(s) = js4+6.6597 js2−10.57 j.
By applying the orthogonality condition to the scattering matrix, we obtain
For (N−n f z) odd,
F(s)P(s)∗+P(s)F22(s)∗ = 0 (3.13)
For (N−n f z) even,
F(s)[ jP(s)]∗+[ jP(s)]F22(s)∗ = 0 or F(s)P(s)∗−P(s)F22(s)∗ = 0 (3.14)
For (N−n f z) even or odd,
F(s)P(s)∗− (−1)(N−n f z)P(s)F22(s)∗ = 0 (3.15)
Where F22(s) = (−1)NF(s)∗
which is represented in te following S-matrix form:
[
S11 S12
S21 S22
]
=
1
E(s)
 F(s)εR P(s)ε
P(s)
ε
(−1)(n f z+1)F(s)∗
εR
 (3.16)
In a similar way, it can be obtained alternative forms to represent the S matrix by manipulating equation
3.15. Whatever the form, the unitary conditions will be satisfied.
From unitary conditions, two additional relationships are derived and later explained:
• The relationship between the real constants ε and εR used to normalize the polynomials P(s) and
F(s), respectively.
• The alternating pole-principle, which allows the accurate determination of either E(s), F(s), or P(s)
while knowing the other two.
3.2 Relationship between ε and εR
The transfer and reflection functions S21(s) and S11(s) were defined earlier in terms of their rational
polynomials in equations 3.8 and 3.7 respectively, where E(s) and F(s) are Nth degree, P(s) is a polynomial
of degree n f z, the number of finite-position transmission zeros, and ε and εR are real constants normalizing
P(s) and F(s) such that |S21(s)|and |S11(s)| are ≤ 1 at any value of s, the frequency variable. It is assumed
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that the three polynomials have been normalized such that their highest-power coefficients are unity.
Supplemental to this, for the cases where N−n f z is an integer, the polynomial P(s) is multiplied by j to
satisfy the unitary condition as described above.
The real constant ε is determined by evaluating P(s)/E(s) at a convenient value of s, where S21(s) or S11(s)
are known, for instance, at s =± j, where the equiripple return loss level for Chebyshev filter or the 3dB
(half-power point) for Butterworth filters is known. This sets the maximum level for |S21(S)| at 1, and
if n f z < N, |S21(S)| = 0 at infinite frequency s = ± j∞. When |S21(S)| = 0, the conservation of energy
condition dictates that
|S11( j∞)|= 1εR
∣∣∣∣F( j∞)E( j∞)
∣∣∣∣= 1 (3.17)
Because the highest-degree coefficients (eN and fN) of E(s) and F(s), respectively, are unity, it is easily
seen that εR = 1. When n f z = N,that is, where all N available transmission zeros are at finite positions
in the complex plane and therefore P(s) is an Nth-degree polynomial (fully canonical function), then the
attenuation at s =± j∞ is finite and εR is derived from the conservation of energy condition equation by
S11( j∞)S11( j∞)∗+S21( j∞)S21( j∞)∗= 1 (3.18)
F( j∞)F( j∞)∗
ε2RE( j∞)E( j∞)∗
+
P( j∞)P( j∞)∗
ε2E( j∞)E( j∞)∗
= 1 (3.19)
For the fully canonical case, E(s), F(s), and P(s) are all Nth-degree polynomials with the highest-power
coefficients =1. Therefore, we obtain
1
εR2
+
1
ε2
= 1 or εR = ε√
ε2−1
(3.20)
which is slightly greater than unity since ε has to be >1.
Also, it is evident that for the fully canonical case, the insertion loss at s =± j∞ is
S21(±∞) = 1ε = 20log10ε dB (3.21)
and the return loss is
S11(±∞) = 1εR = 20log10εR dB (3.22)
Although the fully canonical characteristics are rarely used for the synthesis of bandpass filters, they are
sometimes used for bandstop filters.
The calculation of εR and ε of the filter of study will be useful as example; It is known from 2.3 and
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3.4 that N=8 and n f z = 4, so from 3.17 and explanation above εr = 1 . And evaluating P(s)/E(s) at a
convenient value of s where S21(s) or S11(s) are known, s =± j, leaves:
ε =
1√
10RL/10−1
∣∣∣∣ P(ω)F(ω)/εr
∣∣∣∣
ω=±1
(3.23)
And therefore with equation 3.23 and using value of RL=20dB from 2.3 and values of P(ω) and F(ω)
from 3.4 −→ ε = 93.2344 for the filter of design.
3.3 Alternating pole method for determination of the denominator
polynomial E(s)
For the polynomial synthesis method to be described later, transmission zeros are prescribed in the com-
plex plane, which defines the S21(s) numerator polynomial P(s). Then the coefficients of the S11(s)
numerator polynomial F(s) are found using an analytic or recursive method explained in 3.4. It then re-
mains to find the S11(s) and S21(s) denominator polynomial E(s) to complete the design of the filtering
function.
If two of the three polynomials are known, the third may be derived from the conservation of energy
equation (3.9) as follows:
S11(s)S11(s)∗+S21(s)S21(s)∗ = 1 or
F(s)F(s)∗
ε2R
+ P(s)P(s)
∗
ε2 = E(s)E(s)
∗ (3.24)
The left-hand side (LHS) of equation 3.24 is constructed using polynomial multiplications to find poly-
nomial E(s)E(s)*, which must be a scalar quantity. This means that the 2N roots of E(s)E(s)*, must form
a symmetric pattern about the imaginary axis in the complex plane, so that at any frequency s product
E(s)E(s)* is scalar.
Since it is known that the roots of E(s) are strictly urwitz, thse roots of E(s)E(s)* that are in the left-half
plane must belong to E(s) and those in the right-half plane, to E(s)*. By choosing the N roots in the
left-half plane, the polynomial E(s) is formed.
Although this method is completely general, it does mean working with double-degree polynomials, and
sometimes, with higher degree filter functions, the roots of E(s)E(s)* tend to cluster around s = ± j,
leading to inaccurate root finding. An alternative method due to Rhodes and Alseyab5 is presented here,
with which the roots of E(s) can be found without having to determine the roots of polynomials of degree
2N.
By expanding equation in two different ways, we obtain
ε2ε2RE(s)E(s)
∗ = [εRP(s)+E(s)][εRP(s)∗+ εF(s)∗]− εεR[P(s)∗F(s)+P(s)F(s)∗ (3.25)
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and
ε2ε2RE(s)E(s)
∗ = [εR( jP(s))+ εF(s)][εR( jP(s))∗+ εF(s)∗]− εεR[( jP(s))∗F(s)+( jP(s))F(s)∗ (3.26)
Equation 3.25 is in the correct form for the cases where the integer quantity (N-n f z) is odd. For the term
on the extreme right to equal zero
P(s)∗F(s) =−P(s)F(s)∗ (3.27)
If the orthogonality unitary condition for (N-n f z) odd [equation 3.13] is recalled, namely
F(s)P(s)∗+P(s)F22(s)∗ = 0 (3.28)
it is obvious that equation 3.27 is valid only if F(s) = F22(s) . This can happen only when all the zeros of
F(s) lie on the imaginary axis and are coincident with those of F22(s).
Equation 3.26 is in the correct form for the cases where (N-n f z) is even, where the polynomial P(s) must
be multiplied by j. For the term on the extreme right to equal zero, the following condition must hold:
P(s)∗F(s) = P(s)F(s)∗ (3.29)
By recalling the orthogonality unitary condition, described in equation 3.14 for (N-n f z) even, one have
F(s)P(s)∗−P(s)F22(s)∗ = 0 (3.30)
and once more it can be seen that equation 3.29 can be satisfied only if F(s) = F22(s). Again, this can
happen only when all the zeros of F(s) lie on the imaginary axis and are coincident with those of F22(s).
If the zeros of F(s) and F22(s) fulfill this condition, equations 3.25 and 3.26 for (N-n f z) odd are reduced
to
ε2ε2RE(s)E(s)
∗ = [εRP(s)+ εF(s)][εRP(s)∗+ εF(s)∗] = [εRP(s)+ εF(s)][εRP(s)+ εF(s)]∗ (3.31)
and for (N-n f z) even
ε2ε2RE(s)E(s)
∗ = [εR( jP(Ss))+εF(s)][εR( jP(s))∗+εF(Ss)] = [εR( jP(s))+εF(s)][εR( jP(s))+εF(s)]∗
(3.32)
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In the ω plane, P(ω) and F(ω) will ave purely real coefficients. Use 3.32 modified as follows to find the
ω-plane singularities for (N-n f z) even or odd:
ε2ε2RE(ω)E(ω)
∗ = [εRP(ω)− jεF(ω)][εRP(ω)− jεF(ω)]∗ (3.33)
Rooting one of the two terms on the right-hand side (RHS) of equation 3.32 results in a pattern of singu-
larities alternating between the left-half and right-half planes, as depicted in Figure 3.2.
Rooting the other term will give the complementary set of singularities, completing the symmetry of the
pattern about the imaginary axis and ensuring that the RHS of 3.32 is properly scalar as the LHS demands.
As a result, it is necessary to form only one of the two terms in equation 3.32 from the known P(s) and F(s)
polynomials, and then root the resultant Nth-degree polynomial with complex coefficients to obtain the
singularities. Knowing that the polynomial E(s) must be Hurwitz, any singularity in the right half-plane
(RHP) plane can be reflected about the imaginary axis to lie in the image position in the left half-plane
(LHP) plane. Now, knowing the positions of the N singularities in the LHP, we can form the polynomial
E(s). In finding E(s), we only have to deal with Nth-degree polynomials; also because the alternating
singularities tend to be less clustered about s =± j, greater accuracy is guaranteed.
Figure 3.2: Obtained singularities of polynomials for the filter of study, (N-n f z) even.
This procedure explained in this section can be implemented in a Matlab code like the one shown in
APPENDIX A.
And obtain with it the E(s) polynomial coefficients and roots of the filter of study:
Coefficients
E(s) = s8 + s7(1.951−0.1164 j)+ s6(3.996−0.2306 j)+ s5(4.637−0.4407 j)+ s4(4.645−0.4889 j)+
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s3(3.243−0.4407 j)+ s2(1.735−0.2693 j)+ s(0.6035−0.1131 j)+(0.1113−0.02436 j)
Roots
E(s)= (s+(1.044 j+0.06298))(s+(0.6279 j+0.3303))(s+(0.205 j+0.4172))(s+(0.912 j+0.1964))(s+
(0.1744−0.9261 j))(s+(0.3077−0.6713 j))(s+(0.4079−0.2694 j))(s+(0.05423−1.039 j))
3.4 Recursive Technique
Since, by definition, a Chebyshev function has all its reflection zeros on the real axis of the ω plane, the
alternating pole formula for a lossless network, as described by equation 3.33, is as follows:
S21(ω)S21(ω)∗ =
P(ω)P(ω)∗
ε2E(ω)E(ω)∗
=
1[
1− j εεR kCN(ω)
][
1− j εεR kCN(ω)∗
] (3.34)
where kCN(ω) = F(ω)P(ω) and k is a constant.
CN(ω) is known as the filter function of degree N, and its poles and zeros are the roots of P(ω) and F(ω),
respectively. For the general Chebyshev characteristic, it has de form6
CN(ω) = cosh
[
N
∑
n=1
cosh−1(xn(ω))
]
(3.35)
or, by using the identity coshθ = cos jθ , the alternative expression for CN(ω) is given by
CN(ω) = cos
[
N
∑
n=1
cos−1(xn(ω))
]
(3.36)
where xn(ω) is a function of the frequency variable ω . For analyzing CN(ω), equation 3.35 can be
adopted for |ω| ≥ 1 and equation 3.36, for |ω| ≤ 1 .
To properly represent a Chebyshev function,
xn(ω) =
ω−1/ωn
1−ω/ωn (3.37)
Where ωn is the position of the nth transmission zero.
From equation 3.35 and some operations explained in detail in4 equation 3.35 becomes
CN(ω) =
1
2
∏Nn=1
[
(ω−1/ωn)+
√
(1−1/ω2n )ω
]
+∏Nn=1
[
(ω−1/ωn)−
√
(1−1/ω2n )ω
]
∏Nn=1 [1−ω/ωn]
=
(3.38)
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=
1
2
[
∏Nn=1(Cn+dn)+∏
N
n=1(Cn−dn)
∏Nn=1 [1−ω/ωn]
]
where
cn = (ω− 1ωn ) and dn = ω
′
√
1− 1ω2n
In comparison with equation 3.34, it is obvious that the denominator of CN(ω) has the same zeros as
P(ω) the numerator polynomial of S21(ω) generated from the prescribed transmission zeros ωn. From
equation 3.34 it is also observed that the numerator of CN(ω) has the same zeros as the numerator F(ω)
of S11(ω), and appears at first to be a mixture of two finite-degree polynomials, one in the variable ω
purely, whilst the other has each coefficient multiplied by the transformed variable ω ′.
However, the coefficients multiplied by ω ′cancel each other when equation 3.38 is multiplied out. This
is best proven by demonstration, by multiplying out left- and right-hand product terms in the numerator
of CN(ω) in 3.38 for a few low values of N:
For N=1, Num[C1(ω)]= 12
[
∏1n=1(cn+dn)+∏
1
n=1(cn−dn)
]
= c1.
For N=2, Num[C2(ω)]=c1c2+d1d2.
For N=3, Num[C3(ω)]=(c1c2+d1d2)c3+(c2d1+ c1d2)d3.
(and so on).
At each stage, the expansions result in a sum of factors, where each factor is composed of multiples of
cn and dnelements. Because of the positive sign in the LH product term in equation 3.38, the cn, dn
factors, resulting from multiplying out the LH term, are always positive in sign. Multiplying out the RH
product term in equation 3.38 produces the same cn, dn factors; however, the negative sign indicates that
those factors containing an odd number of dn elements are negative in sign and are canceled with the
corresponding factors from the LH product term.
Now, the remaining factors contain only the even numbers of dn elements. Consequently, ω ′ =
√
ω2−1,
which is a common multiplier for all the dn elements [equation 3.38], is raised by even powers only,
producing subpolynomials in the variable ω . As a result, the numerator of CN(ω) will be a polynomial in
the variable ω only.
These relationships can be used to develop a simple algorithm to determinate the coefficients of the
numerator polynomial of CN(ω). Normalizing Num[CN(ω)] to set its highest-degree coefficient to unity
yields F(ω), the numerator of S11(ω).
The numerator of equation 3.38 may be written as
Num[CN(ω)] =
1
2
[
GN(ω)+G′N(ω)
]
(3.39)
where
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Gn(ω) =
N
∏
n=1
(cn+dn) =
N
∏
n=1
[
(ω− 1
ωn
)+ω ′
√
(1− 1
ω2n
)
]
(3.40)
and
G′n(ω) =
N
∏
n=1
(cn−dn) =
N
∏
n=1
[
(ω− 1
ωn
)−ω ′
√
(1− 1
ω2n
)
]
(3.41)
The method for computing the coefficients of Num[CN(ω)] is a recursive technique, where the solution
for the nth degree is built up from the results of the (n-1)th degree. First, it is considered the polynomial
GN(ω) [equation 3.41]. This polynomial can be rearranged into two polynomials; UN(ω) and VN(ω),
where the UN(ω) polynomial contains the coefficients of the terms in the variable ω only, whereas each
coefficient of the auxiliary polynomial VN(ω) is multiplied by the transformed variable ω ′
GN(ω) =UN(ω)+VN(ω) (3.42)
where
UN(ω) = u0+u1ω+u2ω2+ ...+uNωN (3.43)
and
VN(ω) = ω ′(v0+ v1ω+ v2ω2+ ...+ vNωN (3.44)
The recursion cycle is initiated with the terms corresponding to the first prescribed transmission zero ω1,
that is, by setting N=1 in equations 3.40 and 3.42:
G1 = [c1+d1] = (ω−1/ω1)+ω ′
√
1− 1
ω21
=U1(ω)+V1(ω)→
U1(ω) = (ω−1/ω1)V1(ω) = ω ′√1−1/ω21 (3.45)
For the first cycle of the process, G1(ω) has to be multiplied by the terms corresponding to the second
prescribed zero ω2 [equation 3.40], given by
G2(ω) = G1(ω)[c2+d2] = [U1(ω)+V1(ω)]
[
(ω− 1
ω2
)−ω ′
√
(1− 1
ω2
)
]
=U2(ω)+V2(ω) (3.46)
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Lets multiply out this expression for G2(ω), and again allocating terms purely in ω to U2(ω), terms
multiplied byω ′ to V2(ω), and recognizing thatω ′Vn(ω) results in (ω2−1)(v0+v1ω+v2ω2+ ...+vnωn)
[equation 3.42] , a polynomial purely in ω and therefore to be allocated to Un(ω):
U2(ω) = ωU1(ω)−
U1(ω)
ω2
+ω ′
√
1−1/ω22V1(ω)
V2(ω) = ωV1(ω)− V1(ω)ω2 +ω ′
√
1−1/ω22U1(ω)
(3.47)
Having obtained these new polynomials U2(ω) and V2(ω), the cycle is repeated with the third prescribed
zero, and so on until all N of the prescribed zeros (including those at ωn =∞) are used, specifically, (N-1)
cycles.
This procedure may be programmed in Matlab as shown in the code given below.
1
2 f u n c t i o n [ Roots , C o e f f s ] = F ( z e r o )
3
4 syms w w2
5
6 N= l e n g t h ( z e r o ) ; %number o f t r a n s m i s s i o n z e r o s t o implement , i n c l u d e d
t h o s e a t i n f i n i t y
7
8 f o r n =1:N
9 i f n==1 %i n i t i a l i z e wi th f i r s t p r e s c r i b e d z e r o w1 ( 1 )
10 U( 1 ) =w− (1/ z e r o ( 1 ) ) ;
11 V( 1 ) = s q r t (w^2−1)* s q r t (1−1/ ( z e r o ( 1 ) ^2 ) ) ;
12 e l s e i f z e r o ( n ) ==0 %m u l t i p l y z e r o s t h a t a r e a t i n f i n i t y ( 3 )
13 U( n ) =w*U( n−1)+ s q r t (w^2−1)*V( n−1) ;
14 V( n ) =w*V( n−1)+ s q r t (w^2−1)*U( n−1) ;
15 e l s e %m u l t i p l y i n second and s u b s e q u e n t p r e s c r i b e d z e r o s ( 2 )
16 U( n ) =w*U( n−1)−U( n−1) / ( z e r o ( n ) ) + s q r t (w^2−1)* s q r t (1−1/ ( z e r o ( n ) ^2 ) ) *
V( n−1) ; %
17 V( n ) =w*V( n−1)−V( n−1) / ( z e r o ( n ) ) + s q r t (w^2−1)* s q r t (1−1/ ( z e r o ( n ) ^2 ) ) *
U( n−1) ;
18 end
19 end
20
21 C o e f f s =sym2poly (U(N) ) %p o l y n o m i a l U_N(w)
22 Roots = r o o t s ( C o e f f s ) %p o l y n o m i a l F (w) r o o t s
23
24 end
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If the same process is repeated for G′N(ω) =U‘N(ω)+V ′(ω) [equation 3.41], then U ′N(ω) =UN(ω) and
V ′N(ω) =−VN(ω). Therefore, from equations 3.39 and 3.42, it is obtained
Num[CN(ω)] =
1
2
[GN(ω)+G′N(ω) =
1
2
((UN(ω)+U ′N(ω))+((VN(ω)+V
′
N(ω)) =UN(ω) (3.48)
Equation 3.48 demonstrates that the numerator of CN(ω) [which has the same zeros F(ω)] is equal to
UN(ω) after (N-1) cycles of this recursion method. Now the zeros of F(ω) are revealed by finding roots
of UN(ω), and along with the prescribed zero polynomial P(ω)/ε , the denominator polynomial E(ω)
can be constructed.
In the case of the filter of study, there are 4 zeros to implement, section2.3, ω5,ω6,ω7 and ω8 are taken at
infinity, and applying the Matlab function it is obtained:
Coefficients
F(ω)=ω8−0.1164ω7−2.093ω6+0.2123ω5+1.392ω4−0.1129ω3−0.3054ω2+0.01559ω+0.01114
F(s) = s8+2.093s6+1.392s4+0.3054s2+0.01114
Roots
F(ω)= (ω+0.5725)(ω+0.1852)(ω+0.8471)(ω+0.9832)(ω−0.9854)(ω−0.2415)(ω−0.8648)(ω−
0.6127)
F(s)= (s+0.5725 j)(s+0.1852 j)(s+0.8471 j)(s+0.9832 j)(s−0.9854 j)(s−0.2415 j)(s−0.8648 j)(s−
0.6127 j)
Due to the order is N=8 the maximum number of transmission zeros positioned in finite frequencies is 4.
For the polynomial synthesis methods described, the number of transmission zeros with finite positions
in the s plane n f z must be ≤ N. If n f z ≤ N, those zeros without finite positions must be placed at infinity.
Although the N+2 coupling matrix (Chapter 4) can accommodate fully canonical filtering functions ( i.e.
n f z = N), the N x N matrix can accommodate a maximum of only N-2 finite-position zeros (minimum
path rulea). In synthesizing the polynomials for the N x N coupling matrix, at least two of the transmission
zeros must be placed at infinity.
Finally, in order to check if calculated polynomials are correct, Lowpass transmission and reflection re-
sponses, determined by means of the evaluation of equations 3.7 and 3.8, are plotted in Figure 3.3. The
filter satisfy the required specifications of transmission zeros and return loss, so it’s similar to measure-
ments.
aThe minimum path rule is a simple formula for calculating the number of finite-position transmission zeros (i.e., those that are
not at ω = ±∞) that an Nth-degree direct-coupled resonator network can realize. If the number of resonators in the shortest path
(along nonzero interresonator couplings) between the input (source) and the output (load) terminals of a network equals nmin, ten
the maximum number of finite-position TZs (n f z) tat the network may realize is n f z = N−nmin.
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Figure 3.3: Transmission and reflection parameters of the filter obtained with the polynomials calculated
previously.
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Chapter 4
COUPLING MATRIX SYNTHESIS
OF FILTER NETWORKS
4.1 Synthesis of network-circuit approach
In the previous chapters, methods were established to derive the transfer and reflection polynomials for
lowpass prototype filter functions. The next step in the design process is to translate these polynomials
into a electrical circuit prototype from which a real microwave filter may be developed. Two methods for
doing this are available: the classical circuit synthesis method and the direct coupling matrix synthesis
approach. Due to the aims of this project we will focus in network analysis but in this section, the circuit
synthesis approach, based on the [ABCD] transfer matrix, or the “chain” matrix, as it is sometimes known,
is briefly introduced only to introduce some formulas that will be later used.
For a two-port network operating between unity source and load terminations, the [ABCD] matrix repre-
senting the network has the following form7
[ABCD] =
1
P(s)/ε
[
A(s) B(s)
C(s) D(s)
]
(4.1)
where
S12(s) = S21(s) =
P(s)/ε
E(s)
=
2P(s)/ε
A(s)+B(s)+C(s)+D(s)
(4.2)
S11(s) =
F(s)/εR
E(s)
=
A(s)+B(s)−C(s)−D(s)
A(s)+B(s)+C(s)+D(s)
(4.3)
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S22(s) =
(−1)NF(s)∗/εR
E(s)
=
D(s)+B(s)−C(s)−A(s)
A(s)+B(s)+C(s)+D(s)
(4.4)
The j that multiplies P(s) in the denominator of equation 4.1 allows the crosscouplings to be extracted
as inverters, and is there, in addition to the j that multiplies P(s) when N-n f z is even, to preserve the
orthogonality unitary condition (see section 3.3).
From equation 4.1, it is immediately clear that the A(s), B(s), C(s), and D(s) polynomials share a com-
mon denominator polynomial P(s)/ε . It is demonstrated that these polynomials can be built up from the
elements of the circuit that models the real microwave filter, and then related to the coefficients of the
E(s) and F(s)/εR polynomials, which, together with P(s)/ε , represent the desired transfer and reflection
performance of the filter, respectively.
A coupled-cavity microwave bandpass filter is realized directly from lowpass prototype circuits of the
type shown in Figure 2.1. After the addition of the series and parallel resonating components [to form
the bandpass prototype (BPP)], and the appropriate scaling to the center frequency and bandwidth of the
RF bandpass filter, the design of the microwave structures or devices used to realize the elements of the
bandpass circuit becomes apparent. These resonators are realized in the microwave structure by elements
such as coaxial resonators. Figure 4.1 illustrates the procedure for a fourth-degree all-pole filter after
having obtained the transfer and reflection polynomials seen in equations 4.2 ,4.3 and 4.4 that will set the
basis of the circuit synthesis.
30
4.1. SYNTHESIS OF NETWORK-CIRCUIT APPROACH
Figure 4.1: Steps in the synthesis process for a fourth-order coaxial resonator bandpass filter.
The synthesis of the [ABCD] polynomials for circuits with inverters is deeply explained in4, broadly out-
lined that is obtained by multiplying [ABCD] matrices of cascaded elements as capacitors and inverters.
These cascade operations reveal some important features of the A(s), B(s), C(s), and D(s) polynomials
that represent the filter ladder network. All are polynomials in variable s with real coefficients and are
even or odd, depending on whether N is even or odd. Idependently of whether N is even or odd, B(s) is
of degree N and is the highest degree. A(s) and D(s) are of degree N-1, and C(s) is the lowest degree N-2.
Next, we relate the A(s), B(s), C(s), and D(s) polynomials with the S21(s) and S11(s) transfer and reflec-
tion polynomials (E(s), P(s)/ε and F(s)/εR). For the general case, the coefficients of E(s) and F(s) can have
complex coefficients. To account for the general cases it is necessary to add a frequency-independent re-
actance (FIR) in parallel with each shunt frequency-dependent element (the capacitors Ci) such that the
value of the admittance at each node, instead of being simply sCi, now becomes sCi+ jBi.
The effect of adding the FIRs at each node is to conver the A(s), B(s), C(s) and D(s) polynomials for the
ladder network into complex-even and complex-odd forms, that is, their coefficients alternate between
purely real and purely imaginary as the power of s increases.
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Knowing now the form of the A(s), B(s), C(s), and D(s) polynomials, of the polynomials constituting
S11(s) and S21(s) (E(s), P(s)/ε and F(s)/εR), and also the relationship between them [equation 4.1], A(s),
B(s), C(s), and D(s) may be directly expressed in terms of the coefficients of E(s) and F(s)/εR :
N even:
A(s) = Im(e0+ f0)+ jRe(e1+ f1)s+ Im(e2+ f2)s2+ ...+ jIm(eN + fN)sN
B(s) = jRe(e0+ f0)+ Im(e1+ f1)s+ jRe(e2+ f2)s2+ ...+Re(eN + fN)sN
C(s) = jRe(e0− f0)+ Im(e1− f1)s+ jRe(e2− f2)s2+ ...+Re(eN− fN)sN
D(s) = Im(e0− f0)+ jRe(e1− f1)s+ Im(e2− f2)s2+ ...+ jIm(eN− fN)sN
(4.5)
N odd
A(s) = Re(e0+ f0)+ jIm(e1+ f1)s+Re(e2+ f2)s2+ ...+ jIm(eN + fN)sN
B(s) = jIm(e0+ f0)+Re(e1+ f1)s+ jIm(e2+ f2)s2+ ...+Re(eN + fN)sN
C(s) = jIm(e0− f0)+Re(e1− f1)s+ jIm(e2− f2)s2+ ...+Re(eN− fN)sN
D(s) = Re(e0− f0)+ jIm(e1− f1)s+Re(e2− f2)s2+ ...+ jIm(eN− fN)sN
(4.6)
Here, ei and fi, i=0,1,2,...,N, are complex coefficients of E(s) and F(s)/εR respectively.
It is easily demonstrated that these polynomials satisfy the equation set 4.1, and are the correct form for
the representation of the electrical performance of a passive, reciprocal, lossless microwave circuit.
As described in next section, short-circuit admittance parameters (y parameters) are used for the direct
synthesis of coupling matrices for filter networks. At this stage, the y-parameter matrix [y], later used in
section 4.2, is found by using the [ABCD] as follows
1
P(s)/ε
[
A(s) B(s)
C(s) D(s)
]
=⇒
[
y11(s) y12(s)
y21(s) y22(s)
]
=
1
yd(s)
[
y11n(s) y12n(s)
y21n(s) y22n(s)
]
=
1
B(s)
[
D(s) −∆ABCD P(s)ε
P(s)
ε A(s)
]
(4.7)
where yi jn(s), i,j=1,2, are the numerator polynomials of yi j(s), yd(s) is their common denominator poly-
nomial, and ∆ABCD is the determinant of the [ABCD] matrix, which for a reciprocal network, ∆ABCD=1 .
From this, it becomes clear that
yd(s) = B(s)
y11n(s) = D(s)
y22n(s) = A(s)
y21n(s) = Y12n(s) =−P(s)ε
(4.8)
The y(s) polynomials have the same form as the [ABCD] polynomials; namely, their coefficients alternate
between purely real and purely imaginary as the power of s increases, yd(s) is of degree N, y11n(s)
32
4.2. COUPLING MATRIX
and y22n(s) are of degree N-1, and y21n(s) and y12n(s) are of degree n f z (the number of finite-position
transmission zeros). The short-circuit admittance parameters are used for the direct coupling matrix
synthesis method described in the next section.
4.2 Coupling matrix
In this section, it is examined the coupling matrix representation of a microwave filter circuit. Modeling
the circuit in matrix form is particularly useful because matrix operations can then be applied, such as
inversion, similarity transformation, and partitioning. Such operations simplify the synthesis, reconfigu-
ration of the topology, and performance simulation of complex circuits. Moreover, the coupling matrix is
able to include some of the real-world properties of the elements of the filter. Each element in the matrix
can be identified uniquely with an element in the finished microwave device. This enables us to account
for the attributions of electrical characteristics of each element, such as Qu, values for each resonator
cavity, different dispersion characteristics for the various types of mainline coupling and cross-coupling
within the filter. This is difficult or impossible to achieve with a polynomial representation of the filter’s
characteristics.
Atia and Williams introduced the concept of coupling matrix as applied to dual-mode symmetric waveg-
uide filters8. The circuit model they investigated was a band-pass prototype, which has the form shown
in Figure 4.2 . The circuit is comprised of a cascade of lumped-element series resonators inter-coupled by
transformers. The circuit model only supports symmetric characteristics. Cameron introduced the con-
cept of frequency-invariant reactance (FIR), enabling the circuit to represent asymmetric characteristics9.
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Figure 4.2: Multicoupled series-resonator bandpass prototype network: (a) classical representation; (b)
modified to include FIR elements and separate self-inductors.
Because the coupling elements are frequency-invariant, the series resonator circuit itself can be trans-
formed to the lowpass domain by the following steps:
1. Replace all the mutual inductive couplings, provided by transformers, with inverters with the same
values as the mutual couplings of the transformers. The inverters then provides the same amount
of coupling energy between the resonator nodes as the transformers, and with the same 90º phase
change.
2. Transform the bandpass network to a lowpass prototype network with the band edges at ω = ±1
by letting the value of the series capacitance go to infinity (zero series impedance).
In Figure 4.3 there is represented the low-pass prototype of a multicoupled asymmetric network with
series resonators. This is the form of the circuits synthesized from the filter S21(s) and S11(s) polynomials.
Because the coupling elements are assumed frequency-invariant, the synthesis in the low-pass or band-
pass domains yields the same values for the circuit elements, and under analysis the insertion loss and
34
4.3. FORMATION OF THE GENERAL NXN COUPLING MATRIX AND ITS ANALYSIS
rejection amplitudes are the same. The frequency variables in the low-pass and band-pass domains are
connected by the lumped-element frequency mapping formula
s = j
ω0
ω2−ω1
[
ωBP
ω0
− ω0
ωBP
]
(4.9)
where ω0 =
√
ω1ω2 is the center frequency of the bandpass prototype, ω2and ω1 are the upper and lower
band-edge frequencies, respectively, and ωBP is the bandpass frequency variable.
Figure 4.3: Multicoupled series-resonator low-pass NxN prototype network.
4.3 Formation of the general NxN coupling matrix and its Analysis
The two-port network of Figure 4.2 (in either its BPP or LPP form) operates between a voltage source
generating egvolts and an internal impedance of RS (Ω) and a load impedance of RL (Ω). As a series
resonator circuit with currents circulating in the loops, the overall circuit including te source and load
terminations are represented with the impedance matrix [z’] in Figure 4.4.
Kirchoff’s nodal law (stating that the vector sum of all the currents entering a node is equal to zero) is
applied to the currents circulating in te series resonators of the circuit shown in Figure 4.2a, leading to a
series of equations that may be represented with the matrix equation8
[eg] = [z′][i] (4.10)
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Figure 4.4: Overall impedance matrix [Z’] of the series resonator circuits of Figure 4.3 operating between
a source impedance RS and a load impedance RL.
where [z’] is the impedance matrix of the N-loop network plus its terminations. Equation 4.10 is expanded
as follows:
eg[1,0,0...,0]1 = [Z′][i] = [ jM+ sI+R][i1, i2, i3, ..., iN ]t (4.11)
where [·]t denotes matrix ranspose and I is the unit matrix, egis the source voltage, and i1, i2, i3, ..., iN are
the currents in each of the N loops of the network.
It is evident that the impedance matrix [z’] is itself the sum of three N x N matrices; 4.3.1, 4.3.2 and 4.3.3
:
4.3.1 Main coupling matrix jM
This is the N x N matrix containing the values of the mutual couplings between the nodes of the network
(provided by the transformers in Figure 4.2, and equal in value to the immittance inverters in the lowpass
prototype of Figure 4.3). If the coupling is between sequentially numbered nodes, Mi,i+1, it is referred
to as a mainline coupling. The entries on the main diagonal Mi,i(≡ Bi, the FIR at each node) are the
self-couplings, whereas all the other couplings between the nonsequentially numbered nodes are known
as cross-couplings:
jM = j

B1 M12 M13 · · · M1N
M12 B2 M23 · · · M2N
M13 M23 B3 · · ·
...
...
...
...
... MN−1,N
M1N M2N · · · MN−1,N BN

(4.12)
Because of the reciprocity of the passive network, Mi j = M ji, and generally, all the entries are nonzero.
In the RF domain, any variation of the coupling values with the frequency (dispersion) may be included
at this stage.
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4.3.2 Frequency variable matrix sI
This diagonal matrix contains the frequency-variable portion (either the lowpass prototype or the band-
pass prototype) of the impedance in each loop, giving rise to an N x N matrix with all entries at zero
except for the diagonal filled with s = jω as follows:
sI =

0 0 0 · · · 0
0 s 0 · · · 0
0 0 s · · · 0
...
...
...
...
...
0 0 0 · · · 0

(4.13)
4.3.3 Termination impedance matrix R
This N x N matrix contains the values of the source and load impedances in the R11 and RNN positions;
all the other entries are zero:
R =

RS 0 · · · 0
0 0 · · · 0
...
...
. . .
...
0 0 · · · RL
 (4.14)
4.3.4 N x N and N+2 Coupling Matrices
The N x N impedance matrix for the series resonator network are separated out into the matrix’s purely
reistive and purely reactive parts [ equations 4.10 and 4.11 ] by
[z′] = R+[ jM+ sI] = R+[z] (4.15)
Now, the impedance matrix [z] represents the circuit in Figure 4.5a, a purely reactive network operating
between a voltage source with internal impedance RS and a load RL.
Typically, the source and load terminations are nonzero, and can be normalized to unity impedance by
insertion of impedance inverters MS1 and MNL of impedance values
√
RS and
√
RL respectively, on the
source and load side of the network (Figure 4.5). In both cases in Figure 4.5a,b, the impedance as seen
looking out from the network on the input side is RS and on the output side is RL.
The action of placing the two inverters on either side of the N x N impedance matrix has two effects:
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The terminating impedances become terminating conductances GS = 1/RS and GL = 1/RL, respectively,
(and also the voltage source eg is transformed into a current source ig = eg/RS).
The [z] matrix surrounded by two inverters can be replaced by the dual network, which is an admittance
matrix [y]. The values of the input/output inverters themselves are ten absorbed in the [y] matrix by sur-
rounding the side, creating an N+2 x N+2 matrix, commonly known as the N+2 matrix (Figure 4.5c). The
dual of this network, which has series resonators and impedance inverter coupling elements, is illustrated
in Figure 4.5d. Whether an impedance or admittance type, the N+2 matrices will have the same values
for their mainline and cross-coupling inverters.
The full N+2 network and the corresponding coupling matrix is depicted in Figures 4.6 and 4.7. It can be
seen that in addition to the main-line input/output couplings MS1 and MNL, it is now possible to include
other couplings between the source and/or load terminations, and the internal resonator nodes within the
core N x N matrix. Also, it is possible to accommodate the direct source-load coupling MSLin order
to realize the fully canonical filter functions. As an admittance matrix, it has parallel resonators and
admittance inverters for the coupling elements.
Figure 4.5: Configurations of the input and output circuits for the N x N and N+2 coupling matrices: (a)
the series resonator circuit in Figure 4.4 represented as an N x N impedance coupling matrix between
terminations RS and RL; (b) circuit in (a) with inverters to normalize the terminations to unity; (c) N+2
matrix (parallel resonators) and normalized terminating conductances GS and GL; (d) N+2 impedance
matrix with series resonators and normalized terminating resistances RSand RL, the dual network of (c) .
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Figure 4.6: N + 2 multicoupled network with parallel lowpass resonators.
Figure 4.7: Fourth-degree N+2 coupling matrix with all possible cross-couplings. The core N x N matrix
is indicated within the double lines. The matrix is symmetric about the principal diagonal: i.e. Mi j =M ji.
4.4 Synthesis of the N+2 Coupling Matrix
In this section, a method is presented for synthesis of the fully canonical or N+2 folded coupling matrix,
which overcomes some of the shortcomings of the conventional N x N coupling matrix. The N+2 folded
coupling matrix is actually easier to synthesize, has an extra pair of rows, top and bottom, and an extra
pair of columns, left and right, surrounding the core N x N coupling matrix, which carry the input and
output couplings from the source and load terminations to the resonator nodes in the core matrix.
The N+2 coupling matrix for a filter function is directly created by first synthesizing the coupling matrix
for an Nth-degree “transversal” circuit, Figure 4.8, and then reducing this to the folded form, Figure 4.10
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shows the folded form node diagrama.
4.4.1 Synthesis of the Transversal Coupling Matrix
To synthesize the N+2 transversal coupling matrix, we need to construct the two-port short-circuit admit-
tance parameter matrix [YN ] for the overall network in two ways. First, the matrix is constructed from
the coefficients of the rational polynomials of the transfer and reflection scattering parameters S21(s) and
S11(s), which represent the characteristics of the filter to be realized, and the second from the circuit
elements of the transversal array network. By equating the [YN ] matrices, derived by these two meth-
ods, the elements of the coupling matrix, associated with the transversal array network, are related to the
coefficients of the S21(s) and S11(s) polynomials.
4.4.1.1 Synthesis of Admittance Function [YN ] from the Transfer and Reflection Polynomials
The numerator and denominator polynomials for the y21(s) and y22(s) elements of [YN ] are built up di-
rectly from the transfer and reflection polynomials for S21(s) and S11(s) [equation sets 4.5 and 4.8]. In a
doubly terminated network with source and load terminations of 1Ω, it is obtained
For N even:
y21(s) =
y21n(s)
yd(s)
= (P(s)/ε )m1(s)
y21(s) =
y22n(s)
yd(s)
= n1(s)m1(s)
For N odd:
y21(s) =
y21n(s)
yd(s)
= (P(s)/ε )n1(s)
y21(s) =
y22n(s)
yd(s)
= m1(s)n1(s)
where
m1(s) = Re(e0+ f0)+ jIm(e1+ f1)s+Re(e2+ f2)s2+ ...+ jIm(eN + fN)sN
n1(s) = jIm(e0+ f0)+Re(e1+ f1)s+ jIm(e2+ f2)s2+ ...+Re(eN + fN)sN
(4.16)
Also, y11(s)can be found here, but, like the N x N matrix, it is not needed for synthesis of the N + 2
matrix.
Knowing the denominator and numerator polynomials for y21(s) and y22(s) , their residues r21k and r22k,
k=1,2...,N may be founded, with partial fraction expansions; and the purely real eigenvalues λk of the
network found by rooting the denominator polynomial yd(s), common to both y21(s) and y22(s). The Nth
degree polynomial yd(s) has purely imaginary roots = jλk. Expressing the residues in matrix form yields
the following equation for the admittance matrix [YN ] for the overall network:
aWhite dots are source and load, dark dots are the resonators (8 in this case as the filter of study), continuous bold lines are the
main line couplings and dashed lines are the cross couplings.
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[YN ] =
[
y11(s) y12(s)
y21(s) y22(s)
]
=
1
yd(s)
[
y11n(s) y12n(s)
y21n(s) y22n(s)
]
= j
[
0 K∞
K∞ 0
]
+
N
∑
k=1
1
(s− jλk)
[
r11k r12k
r21k r22k
]
(4.17)
Here, the real constant K∞ = 0, except for the fully canonical case where the number of finite-position
transmission zeros n f z in the filtering function is equal to the filter degree N. In this case, the degree of the
numerator of y21(s) (y21n(s) = jP(s)/ε) is equal to its denominator yd(s), and K∞ needs to be extracted
from y21(s) first, to reduce the degree of its numerator polynomial y21n(s) by one before its residues
r21kcan be found. More detail about canonical filters is founded in4 but it lacks of sense for this project
to go in more detail with it.
4.4.1.2 Synthesis of the Admittance Function [YN ] by the Circuit Approach
In addition, the two-port short-circuit admittance parameter matrix [YN ] for the overall network can be
synthesized directly from the fully canonical transversal network. The general form is depicted in Figure
4.8. The matrix consists of a series of N individual 1st-degree lowpass sections, connected in parallel
between the source and load terminations, but not to each other. The direct source-load coupling inverter
MSL is included to allow the fully canonical transfer functions to be realized, according to the minimum
path rule (i.e.,n f zmax), the maximum number of finite position TZs that can be realized by the network=N-
nmin, where nmin is the number of resonator nodes in the shortest route through the network between the
source and load terminations. In fully canonical networks, nmin = 0, and so n f zmax = N, the degree of the
network.
Each of the N lowpass sections consists of one parallel-connected capacitor Ck and one frecuency in-
variant susceptance Bk, connected through admittance inverters f characteristic admittances MSk and MLk
to the source and load terminations, respectively. The circuit of the kth lowpass section is exhibited in
Figure 4.8b.
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Figure 4.8: Canonical transversal array: (a) N-resonator transversal array including direct source-load
coupling MSL; (b) equivalent circuit of the kth lowpass resonator in the transversal array.
4.4.1.3 Synthesis of the Two-Port Admittance Matrix [YN ]
Cascading the elements in Figure 4.8b, [ABCD]T = [ABCD]MSK [ABCD]Ck [ABCD]bk [ABCD]MLK , gives an
[ABCD] transfer matrix for the kth lowpass resonator as follows:
[ABCD]k =−
[
MLk
MSk
(sCk+ jBk)
MSkMLk
0 MSkMLk
]
(4.18)
This is then directly converted into the following equivalent short-circuit y-parameter matrix:
[yk] =
[
y11k(s) y12k(s)
y21k(s) y22k(s)
]
=
MSkMLk
(sCk + jBk)
[
MSk
MLk
1
1 MLkMSk
]
=
1
(sCk + jBk)
[
M2Sk MSkMLk
MSkMLk M2Lk
]
(4.19)
4.4.1.4 Synthesis of the N+2 Transversal Matrix
Now the two expressions for [YN ], the first in terms of the residues of the transfer function matrix 4.17
and the second in terms of the circuit elements of the transversal array matrix 4.19, can be equated. It is
obvious that MSL = K∞, and for the elements with subscripts 21 and 22 in the matrices in the right-hand
sides (RHSs) of equations 4.17 and 4.19, it is obtained
r21k
(s− jλk) =
MSkMLk
(sCk + jBk)
(4.20)
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r22k
(s− jλk) =
M2Lk
(sCk + jBk)
(4.21)
The residues r21k and r22k and te eigenvalues λk have already been derived from the S21and S22 polyno-
mials of the desired filtering function [see equation 4.17], and so by equating the real and imaginary parts
in equations 4.20 and 4.21, it is possible to relate them directly to the circuit parameters as
Ck = 1, Bk(≡Mkk) =−λk
M2Lk = r22k, MSkMLk = r12k
MLk =
√
r22k
MSk = r21k/
√
r22k, k=1,2,...,N
MLk = r12k/
√
r11k
MSk =
√
r11k
(4.22)
In conclusion, and numbering the steps for obtaining the N+2 coupling matrix representation of a transver-
sal array circuit from characteristic polynomials :
1. Find A(s), B(s), C(s) and D(s) values with equations 4.5
2. Obtain [YN ] matrix from [ABCD] one, previous step, and the relations of 4.8
3. Find the residues r21k and r22k and the purely real eigenvalues λk from partial fraction expansion of
[YN ], previous step, like showed in 4.17. To obtain the partial fraction expansions Matlab function
residue is used. This function can be seen implemented in the attached code in APPENDIX B,
where rij, Pij and Kij (i,j=1,2) are residues ri jk , eigenvalues λk and K∞ values respectively.
4. Use relations in equations 4.22 to get the values of the transversal coupling network N+2 matrix
representation. Matrix in figure 4.9 is obtained.
Figure 4.9: N+2 coupling matrix M for the transversal array network of the filter of design.
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4.5 Similarity transformations
4.5.1 Reduction of the N+2 Transversal Matrix to the Folded Canonical Form
With N input and output couplings, the transversal topology is clearly impractical to realize for most cases
and must be transformed to a more suitable topology. A more convenient form is the folded configuration,
Figure 4.10 shows its nodal diagram, realized either directly or as the starting point for further transfor-
mations to other topologies that are more appropriate for the technology it is intended to use for the
construction of the filter. For this project folded topology will be the starting point to the transformation
to cascade quadruplet topology.
To reduce the transversal matrix to the folded form, the formal procedure, described later in this section
is applied for the N+2 matrix. This procedure involves a series of similarity transforms (rotations), which
eliminate the unwanted coupling matrix entries, alternately , right to left along the rows, and top to bottom
down the columns, starting with the outermost rows and columns, and working inward toward the center
of the matrix, until the only remaining couplings are those that can be realized by filter resonators in a
folded structure, as conveyed in Figure 4.11.
No special action needs to be taken to eliminate the unneeded xa and xs couplings in the cross-diagonals,
since they automatically become zero if they are not necessary to realize the particular filter characteristic
under consideration.
Figure 4.10: Folded N+2 nodal representation of filter of design.
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Figure 4.11: Folded coupling matrix form - s and xa couplings are, in general, zero for the symmetric
characteristics; couplings are symmetric about the principal diagonal (all unspecified matrix entries are
zero).
4.5.1.1 Similarity transformation and Annihilation of Matrix Elements
A similarity transform (or rotation) on an N+2 coupling matrix M0 is carried out by pre- and postmulti-
plying M0 by an N+2 rotation matrix R and its transpose Rt, from7
M1 = R1M0Rt1 (4.23)
where M0 is the original matrix, M1 is the matrix after the transform operation, and the rotation matrix R
is as defined as in matrix 4.24.
Example of seventh-degree rotation matrix Rr, pivot [3,5], and angle θr:
[R] =

1 0 0 0 0 0 0
0 1 0 0 0 0 0
0 0 cr 0 −sr 0 0
0 0 0 1 0 0 0
0 0 sr 0 cr 0 0
0 0 0 0 0 1 0
0 0 0 0 0 0 1

(4.24)
where
cr = Rii = R j j = cos(θr) sr = Ri j =−R ji = sin(θr)
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The pivot [i,j] (i 6=j) of Rr indicates that elements RiiR j j = cosθr, R ji = −Ri j = sinθr, (i, j6=1 or N),
and θr are the angle of the rotation. The other principal diagonal entries are equal to one, and all other
off-diagonal entries are zero.
After te transform, the eigenvalues of the matrix M1 are the same as those of the original matrix M0,
which indicates that an arbitrarily long series of transforms with arbitrarily defined pivots and angles can
be applied, starting with M0.
When a similarity transform of pivot [i,j] and angle θr ( 6=0) is applied to coupling matrix M0, the elements
in rows i and j and columns i and j of the resultant matrix M1 change, in value, from the corresponding
element values in M0. For the kth element in the row or column i or j of M1, the value changes according
to the following formulas:
M1ik = crM
0
ik + srM
0
jk for an element in row i
M1jk = crM
0
ik + srM
0
jk for an element in row j
M1ki = crM
0
ki− srM0k j for an element in column i
M1k j = crM
0
ki+ srM
0
k j for an element in column j
(4.25)
where k ( 6= i,j) = 1,2,3,...N
As explained above, the method for reducing the full coupling matrix M0 involves applying a series of
similarity transforms to the matrix that progressively annihilates the unrealizable or inconvenient elements
one by one. The transforms are applied in a certain order and pattern that ensures that once annihilated,
an element is not regenerated by a subsequent transform in the sequence. So, unwanted couplings will
be eliminated one by one, alternately , right to left along the rows, and top to bottom down the columns,
starting with the outermost rows and columns, and working inward toward the center of the matrix, as
shown in Figure 4.13 for two first rows and first column, until the only remaining couplings are those that
can be realized by filter resonators in a folded structure.
The first element to be annihilated in matrix 4.9 will be MS8 ( and simultaneously, M8S), a transform of
pivot [7,8] and angle θ1 = −tan−1(MS8/MS7) is applied to the coupling matrix [see the last formula in
4.25 with k=1, i=7, and j=8]. Equation set 4.26 summarizes the angle formulas for annihilating specific
elements in the coupling matrix with a rotation at pivot [i,j]:
θr = tan−1(Mik/M jk) for kth element in row i (Mik)
θr =−tan−1(M jk/Mik) for kth element in row j (M jk)
θr = tan−1(Mki/Mk j) for kth element in column i (Mki)
θr =−tan−1(Mk j/Mki) for kth element in column j (Mk j)
(4.26)
Next, the 6 elements in row S, MS7,MS6,MS5,MS4,MS3 and MS2, are annihilated with transforms at pivots
[6,7], [5,6], [4,5], [3,4], [2,3] and [1,2] and angles−tan−1(MS7/MS6),−tan−1(MS6/MS5),−tan−1(MS5/MS4),
−tan−1(MS4/MS3), −tan−1(MS3/MS2) and −tan−1(MS2/MS1), respectively [see equation 4.26]. This
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transformations leave as a result matrix of Figure 4.12 that also shows in color; which couplings have
been annihilated (red) which have to be annihilated (orange) and which have to remain (green) according
to Figure 4.10. In blue are shown MSLcouplings, that as explained in last section are zero unless it is the
canonical case.
Following the same method elements to be annihilated in column L are annihilated and after that, the same
will be done with row 1, as it shows in Figure 4.13. Figure 4.14 shows the similarity transform (rotation)
sequence for reduction of full coupling matrix to folded form. This sequence can be automatized with
a code as the one implemented with Matlab and shown in 6. As it is shown in table of Figure 4.14 and
remarking some observations shown below, matrix 4.15 is obtained ;
• The pivot i is chosen always smaller than j.
• Pivots [i,j] are taken as [j-1,j] for Mk j and [i,i+1] for Mik annihilation.
• For this order N=8 filter, there are needed r=28 matrix transforms to obtain the folded coupling
matrix (Figures 4.10 and 4.15), from the transversal one (Figures 4.8 and 4.9).
Figure 4.12: First row undesired couplings annihilated.
Figure 4.13: Second row undesired couplings annihilated.
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Figure 4.14: Pivotes and angles of rotation used during the transformation of the transversal to the folded
coupling matrix.
Figure 4.15: N+2 coupling matrix M for the folded network of the filter of design.
4.5.2 Reconfiguration of the Folded Coupling Matrix
A direct method for creating a cascade of resonator node quartets is available if the degree of the filter is
8 or higher, and there are two pairs of transmission zeros (each pair realized by one of the two quartets
in the cascade9). Because the angle of the first rotation is the solution of a quadratic equation, there are
restrictions on the pattern of transmission zeros that can be realized. For the cascaded quadruplets (CQ)
case, the two zero pairs can lie on the real axis or on the imaginary axis or one pair on each axis. Each
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pair must be symmetrically positioned with respect to both axes. CQ nodal diagram representation can
be observed in Figure 4.18.
The procedure for synthesizing the pair of quartets needs a series of four rotations to an eighth-degree
coupling matrix, starting with the folded configuration. The first rotation angle is obtained by solving a
quadratic equation (two solutions), expressed in terms of the coupling elements taken from the original
folded coupling matrix
t21 (M27M34M45−M23M56M67+M27M36M56)+t1(M23M36M67−M27(M234−M245−M256+M236))−M27(M36M56+M34M45)= 0
(4.27)
where t1 ≡ tan(θ1) . Then, three further rotations are applied according to 4.16 , after which the CQ
topology matrix for the 8th-degree filter is obtained as seen in Figure 4.17.
If the minimum path rule is applied to the topology in Figure 4.18, it is obvious that the CQ solution
realizes only four TZs in total. Accordingly, the original prototype characteristic should also incorporate
only four TZs.
The CQ structure has some practical advantages. One is that the topology can be easily implemented in
a dual-mode structure of some kind, and another is that each CQ is responsible for the production of a
specific TZ pair, facilitating the development and tuning processes.
Figure 4.16: Pivotes and angles of rotation used during the transformation of the transversal to the folded
coupling matrix..
Figure 4.17: N+2 coupling matrix M for the cascaded quadruplets network of the filter of design..
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Figure 4.18: Cascade quartet (CQ) configuration with the eighth-order symmetric filtering characteristic,
minimum path in red.
Finally, in order to check the efficiency of the matrix obtained, we want to plot the S parameters from this
matrix and compare the response with the response obtained from the polynomials.
A normalized N+2 coupling matrix M is related to the extracted S-parameters via the following equations
S21(s) = 2 j[A]−1N+2,1 (4.28)
S11(s) =−(1+2 j[A]−11,1) (4.29)
where, A = − jR+ωW+M is the N+2 immittance matrix for this asymmetric network, R, terminal
matrix, is a N+2 matrix seen in section 4.14 whose only nonzero entries are R11 = RN+2,N+2 = 1, W,
frequency matrix, seen in section 4.13 is similar to the N+2 identity matrix, except that W11 =WN+2,N+2 =
0 and ω is the normalized frequency.
So, with equations 4.28 and 4.29 Figure4.19 is obtained. Demonstrating that topology of the network has
changed and now the representation of it is with a coupling matrix, but the S-parameters response is still
the same as it was with the polynomials.
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Figure 4.19: Transmission and Reflection parameters obtained with equations 4.28 and 4.28 and from
coupling matrix of 4.17.
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Chapter 5
PHYSICAL REALIZATION OF THE
COUPLING MATRIX
After having obtained the coupling matrix from the filter specification, the next step is to realize it with
coupled resonator structure. This part of the process involves the selection of a certain resonator type,
the use of coupling mechanisms to provide the desired coupling value between resonators and the imple-
mentation of a feed structure. Some of the most important issues related to the practical realization of the
filter will be discussed in this chapter.
5.1 General Theory of Couplings
In general, the coupling coefficient of coupled RF/microwave resonators, which can be different in struc-
ture and can have different self-resonant frequencies (see Figure 5.1), may be defined on the basis of a
ratio of coupled to stored energy
k =
´ ´ ´
εE1E2δv√´ ´ ´
ε |E1|2 δv x
´ ´ ´
ε |E2|2 δv
+
´ ´ ´
µH1H2δv√´ ´ ´
µ |H1|2 δv x
´ ´ ´
µ |H2|2 δv
(5.1)
where E and H represent the electric and magnetic field vectors, respectively; k is the coupling coeffi-
cient. Note that, all fields are determined at resonance and the volume integrals are over entire effecting
regions with permittivity of ε and permeability of µ . The first term on the right-hand side represents te
electric coupling, while the second term represents the magnetic coupling. It should be remarked that
the interaction of the coupled resonators is mathematically described by the dot operation of their space
vector fields, which allows the coupling to have either positive or negative sign. A positive sign would
imply that the coupling enhances the stored energy of uncoupled resonators, whereas a negative sign
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would indicate a reduction. Terefore, the electric and magnetic coupling could either have the same effect
if they have the same sign, or have the opposite effect if their signs are opposite.
Figure 5.1: General coupled RF/microwave resonators where resonators 1 and 2 can be different in struc-
ture and have different resonant frequencies.
5.2 Resonant Cavities
When faced with choice of which type of resonator to use for the structure, there are various options
to consider. Although lumped element resonators are today being used at frequencies up to 18 GHz ,
their attainable unloaded Q-factors vary with frequency. At S-band, lumped element resonators can yield
Q-factors of at most a few hundred10, making it comparable with microstrip resonators. Lumped element
resonators have the one major advantage of being smaller than distributed element resonators. However,
if high power handling capabilities and low insertion loss are required, one has to make use of high
Q (low loss) distributed resonators, like waveguide cavities or coaxial resonator cavities. For resonant
frequencies in the low Gigahertz range, the large size of the waveguide cavities required for propagation
above cutoff, makes it an unattractive choice. Coaxial resonators are smaller than waveguides resonators
of the same frequency, and with unloaded Q-factors in the range of 3000-6000, this implementation is the
resonator of choice for the current application. Figure 5.2 shows an example of a coaxial resonator cavity
used in the filter realization.
Quarter-wave (λ/4-wave) coaxial resonators are constructed by shorting the center conductor of a coaxial
cable to the shield at the far end of the circuit. The length of the cable is exactly λ/4 at the desired reso-
nant frequency. A short circuit is transformed to an open circuit a quarter wavelength away, so when the
λ/4-wave coaxial resonator is part of an oscillator circuit, electrically is not even present (Z~∞); however,
whenever the frequency of the oscillator attempts to go above or below the resonator’s center frequency
(due to load changes, temperature changes, etc.), the λ/4-wave section looks like a low impedance that
works to attenuate other frequency components. It acts like a parallel tuned L/C tank circuit. The ad-
vantage of a λ/4-wave coaxial resonator over a tuned L/C tank circuit is the much higher quality factor,
"Q."
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Figure 5.2: A single coaxial resonator post and cavity.
According to11, a coaxial line has the lowest amount of loss if
√
εrZ0 = 77Ω, as also shown in the graph
of Figure 5.3 from12. For the chosen coaxial resonator realization, the dielectric material is air. Therefore,
εr = 1, implying an optimal resonator characteristic impedance of 77Ω.
Although the given graphs apply to lines with outside conductors of circular cross section, the assumption
is still accurate for coaxial conductors of other shapes.
The choice of which combination of dielectric diameter,D, and conductor diameter,d, to use, is a subject
discussed in the following relations and Figure 5.3 ;
Known the quality factor for a cylindrical coaxial resonator we can obtain such relation from its derivative,
Qu = ω0
L
R
= ω0
µ
RS
ln(D/d)( 1
d +
1
D
) = const. ln(D/d)( 1
d +
1
D
) (5.2)
δQu
δa
= const.
(−D/d2
D/d
)( 1
d +
1
D
)− ln(D/d)(− 1d2)( 1
d +
1
D
)2 = 0 (5.3)
ln(D/d)− (1+d) = 0→ D
d
∼ 3.6 (5.4)
As it is also seen for a given dominant dimension D, maximum K and hence maximum realizable Qu,√
εrZ0 = 77Ω, is achieved when D/d = 3.6.
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Figure 5.3: Qc of Infinitely Long Coaxial Line.
However, if the geometry is not exactly a cylindrical coaxial, an approximation is can be done between
the circle and square areas existing relations. In the end the capability to store electromagnetic energy of
the structure is directly linked to the structure’s volume.
Knowing the relation between square and circle area,
Acircle = pi(D/2)2
Asquare = D2
}
Acircle
Asquare
=
pi
4
→ Dsquare_cavity = 4pi Dcircular_cavity (5.5)
As observed in Figure 5.3 for a cylindrical coaxial resonator Z0 is given by equation 5.6. For a coaxial
line where the external conductor will be a squared prisma instead of a concentric circle, equation 5.7
will be used.
Z0 =
√
L
C
=
1
vpC
=
η0
2pi
√
εr
ln(D/d) =
138√
εr
log10(D/d) =
60√
εr
ln
(
D
d
)
(5.6)
Z0 =
138√
εr
log10
(
4
pi
D
d
)
(5.7)
Figure 5.4 shows a side view and approximate circuit representation of a resonant cavity consisting of a
short-circuited transmission line of length l.
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Figure 5.4: Cross section and circuit representation of a single coaxial resonator.
Capacitor Ca represents the total capacitance between the end of the center post and the grounded roof of
the cavity. At resonance, the total parallel admittance of the transmission line and capacitor must be zero.
Y0
jtanθ0
+ jω0Ca = 0 ⇒ Ca = 1Z0ω0tanθ0 (5.8)
In the case where the transmission line is exactly a quarter wavelength long, θ0 is equal to pi/2, which
means that Ca would have to be zero at resonance. This would require an infinite roof height, together with
no parasitic capacitance present. For this reason, the length of the resonator is always chosen to be less
than a quarter wavelength. Although one can determine the required value of Ca from equation 5.8, there
is no simple relation between that value and the distance to the cavity roof. From equation 5.8 it is also
clear that the shorter the post length, the bigger Ca has to be at resonance, which means that the distance
between the cavity roof and center post is reduced. However, this reduction size comes at the price of a
loss in unloaded Q, as the ratio of stored energy to dissipated energy is decreased. For instance, reduction
of the cavity roof height from 30mm to 15mm causes the Q-factor to show a substantial decrease of 605.
Additionally, because Ca contains a 1/tanθ0 term, another disadvantage of a smaller cavity (with smaller
resonator post length θ0) is the more rapid variation of the capacitance Ca with θ0, making the resonant
frequency more sensitive to manufacturing tolerances and more difficult to tune than that of a larger
cavity. When the roof height is increased from 30mm to 40mm, there is no increase in the Q-factor. So,
the best cavity roof height is therefore one which reaches a good compromise between size and unloaded
Q.
For the filter of study, post electrical length is λ/8 instead of λ/4 (pi/2) this is possible with bigger Ca at
expenses of loss in unloaded Qa.
5.3 External Coupling
For the current implementation, the transformation will be achieved by extending the center conductor of
the feed line into the cavity and attaching it to the resonator post at a certain height. As this seems like
aIn many bandpass filter applications, particularly those applications where the filter is deployed at the front end of a receiver,
it is important to know the Qu for the resonators in order to accurately estimate the insertion loss of the filter.
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one is ’tapping’ into the filter, this type of feed is called a tap point design. An illustration of this feed
structure is given in Figure 5.6.
Alteration of the feed position causes the filter response to change. It is, however, possible to optimize
the system impedance to a value where the analysis yields the correct response and bandwidth, which
means that the external Q-factor has the required value. By repeating this this optimization procedure for
various tap positions, it was found that the closer the tap point is place to the short-circuited end of the
resonator post, the higher the system impedance has to be for a constant Qe. This is counter-intuitive, as
one would expect the system impedance to decrease as it approaches a short circuit.
The couplings, which connect the filter to the outside world are called external couplings and are often
expressed as Q values – that is external Q’s. Is the coupling between the I/O connectors and the first/last
resonator in the filter. This coupling will be of the type in Figure 5.6, where the centre conductor of the
SMA connector is soldered to the resonator (“tapped”), at a certain height above the ground plane. Here,
the resonator is coupled to the I/O port by a rod (tapped input) but could also be coupled by, for instance,
a non touching capacitive disc, a loop or similar arrangement.
For the tapped resonator in Figure 5.6, the coupling increases by moving the tap-point closer to the top of
the resonator. It is also possible to determine the external Q by measuring the group delay of S11.
5.3.1 Group Delay Method
Figure 5.5 shows the equivalent circuit for the first resonator when coupled to the input feed source. The
input coupling is represented by the conductance G. The reflection coefficient looking into the single
resonator, with respect to a feed line of characteristic admittance G, is given by
S11 =
G−Yin
G+Yin
=
1−Yin/G
1+Yin/G
(5.9)
The impedance Yin seen looking into the single resonator is
Yin = jωC+
1
jωL
= jω0C
(
ω
ω0
− ω0
ω
)
(5.10)
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Figure 5.5: Equivalent circuit of the input coupling and first resonator.
where ω0 = 1/
√
LC. For frequencies near resonance, ω =ω0+∆ω , where ∆ωω0, Yin is approximated
by
Yin ≈ jω0C 2∆ωω0 (5.11)
Substituting equation 5.11 in the reflection coefficient S11of the resonator and noting that Qe = (ω0C/G),
we get
S11 =
1− jQe(2∆ω/ω0)
1+ jQe(2∆ω/ω0)
(5.12)
The group delay method for determining the input coupling to a single resonator is based analysis of the
group delay of the reflection coefficient S11.Equation 5.12 can be rewritten as
S11 =
∣∣∣∣1− jQe(2∆ω/ω0)1+ jQe(2∆ω/ω0)
∣∣∣∣∠ϕ (5.13)
where
ϕ =−2arctan
(
2Qe
(
2
(ω−ω0)
ω0
))
(5.14)
Using
δ
δx
(arctan(x)) =
1
1+ x2
(5.15)
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the group delay
τ =− δϕ
δω
(5.16)
is also given by
τ =
4Qe
ω0
1
1+(2Qe(ω−ω0)/ω0)2 (5.17)
Note that the group delay has its maximum value at resonance when ω = ω0: τmax = τ(ω0) = (4Qe/ω0)
and this leads to equation 5.18.
Simulating we obtain S11 parameter in magnitude and phase, phase will be like the one that can be seen
in Figure 5.7, from it and using the expressions obtained above, we can obtain Qe (from equation 5.18 )
and plot it versus the frequency like shown in Figure 5.8.
Qe =
ω0τ
4
(5.18)
Where τ is the group delay from 5.16 where ϕ , as has been seen is the angle of reflection parameter, Γ,
that is .directly equal to the parameter S11.
We make use of markers to identify the maximum value of the group delay and the resonant frequency
like in Figure 5.8. We can do this for different tap points, moving the feed line along the lateral side of
the resonator and plot the Qe versus the position of the tap point as it can be seen in Figure 5.10. The tap
point that fulfills the specification of Qe, equation 5.19, for the desired filter is t=5.5mm.
Qe =
Ci/FBW
M20i
(5.19)
Where Ci = 1F , FBW is known from 2.3 and M0i = MS1 = ML8 known from matrix of figure 4.17.
Figure 5.6: Single coaxial cavity resonator with tap point feed line.
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Figure 5.7: S11 angle in degrees.
Figure 5.8: External quality factor, Qe, for given tap point and capacitance.
Figure 5.9: Qe with tap point sweep.
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Figure 5.10: Qe vs tap point.
The problem now is that the resonance has been displaced down in frequency, in order to arrange that
capacity value must vary experimentally until the desired value is achieved. As it could be seen in
Figure 5.9 as tap point increases, Qe decreases but at the same time frequency decreases a little, with
the capacitance sweep it can be observed in Figure 5.11 that as capacitance increases frequency decreases
but at the same time Qe increases a little.
Figure 5.12b shows the needed value of capacitance height of 0.7468 mm, but if the structure is resim-
ulated we could observe how Qe factor has increased a little, so it will be necessary to choose another
value of tap point re simulate choose another value of capacitance height as many times as it is wished to
fine tune the response and that is very computational time expensive.
Figure 5.11: Qe with tap point sweep.
bIn this Figure blue line are measurements and purple line is the Matlab prediction curve based on those measurements. That
is useful in order to slightly reduce the number of sweep points in the simulation.
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Figure 5.12: Qe with tap point sweep.
5.4 Positive Coupling Mechanisms
There are various ways in which to couple two neighbouring coaxial resonators. The easiest and most
obvious way is to cut a hole in the wall which separates the two cavities. This is called iris coupling.
Depending on where te iris is positioned, the coupling will be predominantly magnetic, or electric. As
the establishment of coupling values is done mainly via simulation, the extraction of coupling values from
simulation will be discussed next. Although the theory will be developed for a series coupled LC circuit,
it can be applied directly to a parallel coupled circuit, as the same principles are used in the dual parallel
derivation.
From11 the coupling coefficient of a K-inverter between resonators i and j is given by equation
ki j =
Ki j√
BiB j
(5.20)
where B is the reactance slope parameter of the two series resonators and K is the value of the impedance
inverter.
B =
ω0
2
δβ (ω)
δω
∣∣∣∣
ω=ω0
=
ω0
2
δ
δω
(
ωL− 1
ωC
)
ω=ω0
= ω0L (5.21)
as at resonance
ω0L =
1
ω0C
(5.22)
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Also, the value of a K-inverter realized by a T-network of inductors of value M is given by11
K = ωM (5.23)
By now substituting equations 5.21 and 5.22 into 5.20, the coupling coefficient at resonance is
ki j =
Mi j√
LiL j
(5.24)
For identical resonators,
ki j =
Mi j
L
(5.25)
The next step in the definition of the coupling factor, is to look at the planes of symmetry utilized by so
many analysis methods. Take the simple magnetically coupled two resonator structure of Figure 5.13
Figure 5.13: (a) Synchronously tuned coupled resonator circuit with magnetic coupling. (b) An alternat-
ive form of the equivalent circuit with an impedance inverter K = ωLm to represent the coupling.
The introduction of a plane of symmetry makes it possible to determine the resonant frequencies of only
half of the structure, first with an electric wall (short circuit) and then with a magnetic wall (open circuit)
at the symmetry plane, corresponding to fe and fm, respectively.
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fe = 12pi
√
(L−M)C
fm = 12pi
√
(L+M)C
(5.26)
By substituting equation 5.25 into equation 5.26 and squaring it, the resonant frequencies can be expressed
in terms of the magnetic coupling coefficient km.
f 2e =
1
4pi2(1−km)LC
f 2m =
1
4pi2(1+km)LC
(5.27)
Therefore,
1
4pi2LC
= f 2e (1− km) (5.28)
and
f 2m =
(1− km) f 2e
(1+ km)
(5.29)
It is now possible to solve the coupling coefficient in terms of the electric and magnetic resonant frequen-
cies.
km =
f 2e − f 2m
f 2e + f 2m
(5.30)
The same procedure can be repeated for two electrically-coupled resonators, as shown in Figure 5.14 L
and C form the parallel resonator, with Cmthe value of the electrical coupling. The result is a coupling
coefficient of
kc =
f 2m− f 2e
f 2m+ f 2e
(5.31)
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Figure 5.14: (a) Synchronously tuned coupled resonator circuit with electric coupling. (b) An alternative
form of te equivalent circuit with an admittance inverter J = ωCm to represent the coupling.
Comparison with equation 5.30 shows that the magnetic and electric coupling coefficients differ in sign.
It has become common practice to choose magnetic coupling as positive. Therefore, for positive coupling,
fe > fm. In the current implementation, the LC resonators are realized with coaxial cavities. Therefore,
when using a simulation software like HFSS, the first establishment of coupling will be through the anal-
ysis of two cavities, coupled by an iris of certain size and location. After solving the first two eigenmodes
in frequency of the structure and inspecting the field distributions, one finds that one of the modes pos-
sesses perpendicular electric fields, while the other mode possesses perpendicular magnetic fields at the
plane of symmetry. This corresponds to the introduction of an electric wall (short circuit) and magnetic
wall (open circuit), respectively, at the plane of symmetry, see Figure 5.15 . As a result, the frequency of
the mode with perpendicular E-fields is fe, and the frequency of the mode with perpendicular H-fields is
fm, seen in Figure 5.20 . For positive coupling, the eigenmode with perpendicular E-fields at the aperture
location should therefore occur at a higher frequency than the eigenmode with perpendicular H-fields.
When this is not the case, the coupling is considered negative.
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Figure 5.15: H and E fileds representation for even, electric wall, and odd mode, magnetic wall.
The main fields inside a coaxial resonator have the general distribution shown in Figures 5.16 and 5.17.
Figure 5.16: General distribution of E-fields and H-fields in a coaxial resonator cavity.
(a) (b)
Figure 5.17: (a) E field simulation. (b) H field simulation.
The radial electric fields are zero at the bottom of the cavity (at z=0) and increase toward the top, while
the magnetic fields around the centre post are a maximum at the bottom of the cavity and decrease toward
the top.
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5.4.1 Inter resonator coupling
To demonstrate the concept of coupling between adjacent resonators the 2- pole circuit in Figure 5.18
is used. Two metallic resonators are enclosed in a metallic housing and loosely coupled to the in- and
output ports. Ports are decoupled in order to not influence the coupling, so they have to be far enough to
not have influence but close enough to transmit and receive EM energy.
The two resonators are identicalc and are both resonating at frequency f0.
To minimize the influence of in- and output connections on the coupling measurement, the resonators
must be loosely connected to the input and output ports. If the top-point of the two peaks – or alternatively
the “valley” between them - is kept below approximately -30 dB, the influence of the I/O ports can be
neglected.
The procedure used here to find the coupling aperture dimensions will be referred to as the “2-pole box”
method, and may either be carried out by use of a 3D simulator or experimentally. Vary either the distance
- or the aperture opening - between the two resonators and at the same time monitor the resulting coupling
bandwidths. In this way, a curve can be made, which shows the relationship between coupling bandwidth
and for instance the aperture dimensions. It is clear that this is done most easily in a 3D simulator like
HFSS, but if such tools are not available, the 2-pole box may be constructed physically and the coupling
bandwidths measured on a network analyzer.
The 2-pole box in Figure 5.18 has two 0.7468 mm tuning screws placed in the lid above the resonators
and one 12 mm coupling screw placed in the middle of the aperture opening in the lid. The coupling
screw allows tuning of the coupling: The longer the coupling screw goes into the aperture the stronger
the positive (inductive) coupling becomes. The coupling screws just above the resonator probe, that are
varying Ca, are included in the HFSS model in order to be able to increase or decrease the coupling
bandwidth in the final filter. The lengths of the tuning screws are adjusted (and must always have equal
lengths) until the two resonance tops, electric and magnetic frequencies, fe and fm respectively, are placed
symmetrically around f0 =1.8805 GHz as shown in Figure 5.20. Having obtained those fm and fe and
applying equation 5.30 we can obtain km.
Setting the simulator to do an exhaustive sweep for different iris widths and different screw heights we
are able to obtain different km and plot it in Figure 5.19, so that for the realization of the next coupling ki j,
obtained from equation 5.32, that is needed we can easily relate it to a determined iris width and screw
height thanks to this graph
ki j = FBW
Mi j√
CiC j
(5.32)
where Mi jare the coupling values obtained previously in matrix 4.17 and Ciand C jare the lowpass equiv-
alent circuit capacitors and are equal to 1F.
cFor asynchronous resonators this relation will be used instead of equation 5.30 : k =
1
2
(
f02
f01
+ f01f02
)√( f 2p2− f 2p1
f 2p1+ f
2
p2
)2
−
(
f 202− f 201
f 201+ f
2
02
)2
where f01and f02 resonant frequency of independent resonators and fp1and fp2
resonances of coupled resonators
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Figure 5.18: Two equal coaxial cavity resonators with magnetic coupling between.
Figure 5.19: Coupling versus iris aperture for different screw lengths.
Figure 5.20: Figure 5.18 structureS21 parameter.
Finally, it has to be into account that with Figure 5.19 one could deduce that 8.75 mm iris and 12 mm
screw will be enough to get the first desired coupling, k12 =−0.0292, for the filter of design but as it can
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be seen in Figure 5.20 and as explained in 5.3.1 there will be a problem of expensive computational time
with the fine tuning of capacitances, this time multiplied by two since there are two resonators who affect
one with the other.
5.5 Negative Coupling Mechanisms
The achievement of negative coupling between two neighbouring coaxial resonators is no trivial matter.
Although the placement of an iris at the open end of the cavity (where the electric fields dominate) can
indeed yield negative coupling, these values are small and have a limited range. This poses a problem,
as many synthesised values for capacitive coupling require values larger than what iris coupling can
provide. Additionally, the dimensions of the structure have a significant effect on the realizability of
negative coupling. The three negative coupling mechanisms that are commonly used, explained at13,
include iris-,evanescent mode-and capacitive probe coupling.
For the aim of this project in this section probe coupling will be explained. Figure 5.21 gives an exam-
ple of two coaxial resonator cavities by a section of transmission line with extended center conductors
terminated in circular disks.
This mechanism couples only capacitively (negatively), unlike the iris- and evanescent mode coupling.
The price to pay for the large range of negarive coupling, is the extreme sensitivity of the coupling value
to the physical parameters, and the relative difficulty with which the structure is manufactured, due to
the extension of a thin center conductor and the attachment of small disks at its ends. Additionally, this
coupling mechanism is not tunable after its construction.
5.5.1 Cross-coupling
It is well known that couplings between non-adjacent resonators - crosscouplings - may be used either to:
1. Introduce transmission zeroes in the stopband for increased skirt selectivity.
2. Equalize the group delay in the passband.
Couplings may either be inductive or capacitive and are often schematically represented as shown in
Figure 4.18 with discontinuous lines. By convention inductive couplings are negative and capacitive
couplings positive.
According to Figure 4.17 , a positive (that is capacitive) crosscoupling is needed between cavities 1 and
4 and between cavities 5 and 8.
Coaxial resonators at resonance have high voltages (hence strong electric-fields) near the resonator top
and high current density (hence strong magnetic fields) near the bottom. Two such resonators therefore
couples capacitively in the top region and magnetically at the bottom region. In the present case positive
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coupling may therefore be implemented by an opening in the upper part of the wall, which will allow
the electric fields to interact. To “amplify” the capacitive coupling a metallic rod may be suspended in
the opening between the resonators. The length of this rod determines the strength of the coupling. In
practice the metallic rod is fixed by a PTFE plug or similar dielectric material.
HFSS simulations on the 2-pole box with such small couplings are normally not very accurate. One must
therefore be prepared to find the right rod length experimentally once the filter has been manufactured.
Figure 5.21: Two equal coaxial cavity resonators with electric coupling between.
Figure 5.22: Coupling versus cylinder length for different position in heigh.
From extended number of simulations done was observed that larger values of disk radius, however lead
to an increase in coupling, due to the greater amount of E-field lines terminating on the disks. Also, the
nearer the rod disk to the resonator post, the more the coupling value should increase, this is due to the
E-field strength between the disk and the resonator post increases. Figure 5.22 shows one of the sweeps
done in height of the rod for different disk radius, but as it can be seen simulations with such small
couplings are normally not very accurate
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5.6 Filter simulation
5.6.1 High Frequency Structural Simulator (HFSS)
HFSS is a commercial finite element method solver for electromagnetic structures from Ansys. The
acronym originally stood for High Frequency Structural Simulator. It is one of several commercial tools
used for antenna design, and the design of complex RF electronic circuit elements including filters, trans-
mission lines, and packaging.
The power behind HFSS lies in the mathematics of the finite element method (FEM) and the integral,
proven automatic adaptive meshing technique. This provides a mesh that is conformal to the 3-D structure
and appropriate for the electromagnetic problem you are solving.
In most cases this will be sufficient to provide a good solution, but occasionally it is necessary to assist
the mesher when autoadaptative meshing alone is not sufficient.
The normal of a curved surface is different depending on its location, but it is constant for each triangle.
(In this context, “normal” is defined as a line perpendicular to the surface). The angular difference be-
tween the normal of the curved surface and the corresponding mesh surface is called the normal deviation
and is measured in degrees. In Figure 5.23 normal deviation angle representation can be observed, and
in Figure 5.24 it can be observed the generated mesh for a normal deviation angle of 10º. That deviation
angle is what it has been set for all simulations along this project in order to have a good precision in
meshing according to14.
Figure 5.23: Normal deviation angle representation.
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Figure 5.24: Generated mesh in a resonator with 10º maximum normal deviation angle.
Moreover than having into account the mesh that defines the structure created in the simulator, it’s impor-
tant to define the materials, so they will affect in the loses and propagation.
In this filter of study the filter internal walls are silver plated in order to reduce losses because the more
intensity in the walls, the more losses will be produced. In other terms, the more wide the center cylinder
of the cavity, the more intense the magnetic field so the more intensity in walls and more losses. That’s
why all dimensions are carefully chosen, even the diameters of the ports to measure follow equation 5.6
to have a 50Ω coaxial line.
5.6.2 WF-00004 Rx Filter HFSS Simulation
Finally the entire filter is constructed in the 3D EM simulator HFSS. First step is to reproduce the exact
real filter in the simulator, Figure 5.25, in order to check if similar response with real filter measures,
Figure 2.7, are obtained. After a computational expensive simulation, a filter response with deformed
passband is obtained. From this model and response a lot of investigation and tests are done and will set
the bases for the future lines surrounding this project.
Following methods showed in previous sections in this chapter, every dimension is obtained (iris width,
screw lengths, tap point, etc.) and comparing them with the real filter it is found out that are appreciable
differences. Simulating the filter with the new dimensions doesn’t give a better result. To reduce the
number of possible errors, an order 4 filter with 2 placed transmission zeros is designed following all the
procedures explained along this project like the order 8, is simulated in HFSS and the result is not what
expected. So, to reduce the problem even more, an order 2 Chebyshev filter without induced TZ and 3dB
ripple is designed, Figure and simulated in 5.6.2.1. First simulation result was not exactly an accurate
result that was expected, but with a sweep in the tapping point gives us a value of tap point that achieves
the expected answer, Figure 5.27. So it is observed a difference between the calculated tap point with
5.3.1 and the needed one for the filter, the same way for the 8 order filter design, the tap point was found
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out not to coincide with the measured one. The response of the filter is also displaced down in frequency,
this is due to capacitances Ca of each resonator has to be adjusted as seen in past sections of this chapter.
In summary the main error sources are:
• Ca adjustment; Ca can be adjusted for a pair of resonators, but when another resonator is added
it affects the other two and Ca and screws of the three resonators have to be readjusted until a
good response is found, with 8 resonators the problem is increased. Dealing with λ/8 resonators
increases the problem, so as explained before another disadvantage of a smaller cavity (with smaller
resonator post length θ0) is a more rapid variation of the capacitance Ca with θ0. Making the
resonant frequency more sensitive to manufacturing tolerances and more difficult to tune than that
of a larger cavity. The problem is so extended that it is actually a commercial software that does
this adjustment of Ca following the method introduced in12.
• Electrical coupling; HFSS simulations on the 2-pole box with such small couplings are normally
not very accurate as has been seen. One must therefore be prepared to find the right rod length
experimentally once the filter has been manufactured or find a way to obtain reliable simulation
results.
• Qe variation; Effects of other resonators, displacement in frequency etc makes tap point slightly
vary from calculated value with the simulations and method like shown in section 5.3 and the value
obtained when tap point sweep is performed with the whole filter, which is even more computa-
tional expensive.
Figure 5.25: WF-00004 PCS Fullband Rx Filter in HFSS.
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5.6.2.1 Second order Chebyshev filter with coaxial cavities
As explained in 2.1, Chebyshev response lowpass prototype filter elements are found tabulated. In this
simple case, values of lowpass prototype filter elements were extracted from a 3dB ripple (LAR) Cheby-
shev table (For N=2; g0=1,g1=3.1013,g2=0.5339,g3=5.8095). The coupling values are calculated using
ki,i+1 =
∆ f
f0
1√
gigi+1
(5.33)
for i=1 to i=n-1. The input and output coupling methods need not be the same as the resonator coupling.
However, the input and output coupling must satisfy the relationship
Qe|in =
βZ0
(J0,1)
2 =
g0g1 f0
∆ f
(5.34)
and
Qe|out =
βZ0
(Jn,n+1)
2 =
gngn+1 f0
∆ f
(5.35)
with 5.3 and 5.4 the values of tap point, iris width and screw height are calculated. Tap point value is
found out to be 1mm higher than the calculated one to obtain a decent response.
Figure 5.26: Order 2 Chebyshev filter with coaxial resonators.
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Figure 5.27: Order 2 Chebyshev filter with coaxial resonators transmission and reflection parameters
result of HFSS simulation.
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Chapter 6
CONCLUSIONS
This project has dealt with the practical aspects of making physical microwave bandpass filters based
on coupling matrix synthesis. With the coupling matrix synthesis approach, a set of filter S-parameter
characteristics is first created by proper choice of filter order, return loss, unloaded Q and position plus
number of transmission zeroes. Then a suitable filter topology is defined and finally the corresponding
coupling matrix is synthesized. This coupling matrix fully defines the filter and, with this at hand, the
corresponding physical filter can be designed and manufactured. To close the gap between the coupling
matrix representation of a filter and the physical filter, practical directions about how to measure/calculate
coupling bandwidths and external Q are given. These parameters can be determined by use of 3D EM
simulator as the one used in this project, HFSS.
To demonstrate the design process, 8th order coaxial cavity filter for LTE applications between 1.84 and
1.91 GHz have been synthesized using the coupling matrix synthesis method and then compared with the
manufactured commercial one, the wf0004 from Lorch. The filter has been synthesized as a cascaded
quartet topology with four symmetrically positioned transmission zeroes about the center frequency.
It has been demonstrated then, that polynomial synthesis of a general Chebyshev response can be au-
tomatized with the generated code. It has also been demonstrated that coupling matrix synthesis for a
cascaded quadruplet topology can be automatized and added to the previous generated polynomial code.
Moreover, following the explained methods iterating with EM simulations and understanding of fields
in the coupling of these resonators, filter dimensions were founded and implemented in HFSS. Then
compared with exhaustive dimensions measurements of the real filter, finding differences and possible
error sources that will define the future work lines.
Future work
• Study of the possible main error sources described in last chapter; Ca adjustment, electrical cou-
pling and Qe variation.
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• Extraction of the parasite nodal diagram in order to get a more accurate link between theoretical
calculations, EM simulations and real measurements. For instance, the first resonator of a quadru-
plet is not only coupled to the second, parasitically the EM fields of the first resonator could have
an effect on the third.
• Generation of an algorithm for computer aided diagnosis and tuning of this type of microwave
filters. Connecting this software with motor arms and network analyzer in order to adjust the
screws and process the real time S-parameters response.
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APPENDIX A
APPENDIX A. E(s) polynomial implemented code.
1
2 f u n c t i o n [ Roots , C o e f f s ] = Es ( P r o o t s , F r o o t s , Er , E , even )
3
4 syms s
5
6 P =1;
7 f o r n =1: l e n g t h ( P r o o t s )
8 P=P *( s−P r o o t s ( n ) *1 i ) ;
9 end
10
11 F =1;
12 f o r n =1: l e n g t h ( F r o o t s )
13 F=F *( s−F r o o t s ( n ) *1 i ) ;
14 end
15
16 i f even
17 Es =( Er *1 i *P+E*F ) ;
18 e l s e
19 Es =( Er *P+E*F ) ;
20 end
21
22 C o e f f s =sym2poly ( Es ) ;
23 Rootsb = r o o t s ( C o e f f s ) ;
24
25 f o r n =1: l e n g t h ( Rootsb )
26 i f r e a l ( Rootsb ( n ) ) <0
27 Roots ( n ) = r e a l ( Rootsb ( n ) ) +imag ( Rootsb ( n ) ) *1 i ;
28 e l s e
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29 Roots ( n )=− r e a l ( Rootsb ( n ) ) +imag ( Rootsb ( n ) ) *1 i ;
30 end
31 end
32
33 d =4;
34
35 syms P w;
36 P =1;
37 f o r n =1: l e n g t h ( Roots )
38 P=P *(w−Roots ( n ) / 1 i ) ;
39 end
40
41 f p r i n t f ( ’ E (w)=%s \ n ’ , c h a r ( vpa ( P , d ) ) )
42 f p r i n t f ( ’ E (w)=%s \ n ’ , c h a r ( vpa ( expand ( P ) , d ) ) )
43
44 syms P s ;
45 P =1;
46 f o r n =1: l e n g t h ( Roots )
47 P=P *( s−Roots ( n ) ) ;
48 end
49
50 f p r i n t f ( ’ E ( s )=%s \ n ’ , c h a r ( vpa ( P , d ) ) )
51 f p r i n t f ( ’ E ( s )=%s \ n ’ , c h a r ( vpa ( expand ( P ) , d ) ) )
52
53
54 end
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APPENDIX B. Transversal circuit coupling matrix generation from characteristic polynomials.
1
2 N=8;
3 %C h a r a c t e r i s t i c p o l y n o m i a l s c a l c u l a t e d i n p r e v i o u s c h a p t e r
4 F=[1 0 2 .093 0 1 .392 0 0 .3054 0 0 . 0 1 1 1 4 ] ;
5 Es =[1 1 .9462 3 .9 96 4 .637 4 .645 3 .243 1 .735 0 .6035 0 . 1 1 1 3 ] ;
6 P= [1 i 0 6 .6597*1 i 0 10 .57*1 i ] ;
7 e= 9 3 . 2 3 4 4 ;
8 e r =1 ;
9
10
11 %−−−[1]−−−[ABCD] p o l y n o m i a l s
12 %A
13 A= z e r o s ( 1 , l e n g t h ( F ) ) ;
14 A( 1 : 2 : end ) =1 i * imag ( Es ( 1 : 2 : end ) +F ( 1 : 2 : end ) / e r ) ;
15 A( 2 : 2 : end ) = r e a l ( Es ( 2 : 2 : end ) +F ( 2 : 2 : end ) / e r ) ;
16
17 %B
18 B= z e r o s ( 1 , l e n g t h ( F ) ) ;
19 B ( 1 : 2 : end ) = r e a l ( Es ( 1 : 2 : end ) +F ( 1 : 2 : end ) / e r ) ;
20 B ( 2 : 2 : end ) =1 i * imag ( Es ( 2 : 2 : end ) +F ( 2 : 2 : end ) / e r ) ;
21
22 %C
23 C= z e r o s ( 1 , l e n g t h ( F ) ) ;
24 C ( 1 : 2 : end ) = r e a l ( Es ( 1 : 2 : end )−F ( 1 : 2 : end ) / e r ) ;
25 C ( 2 : 2 : end ) =1 i * imag ( Es ( 2 : 2 : end )−F ( 2 : 2 : end ) / e r ) ;
26
27 %D
28 D= z e r o s ( 1 , l e n g t h ( F ) ) ;
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29 D( 1 : 2 : end ) =1 i * imag ( Es ( 1 : 2 : end )−F ( 1 : 2 : end ) / e r ) ;
30 D( 2 : 2 : end ) = r e a l ( Es ( 2 : 2 : end )−F ( 2 : 2 : end ) / e r ) ;
31
32
33 %−−−[2]−−−[y ] p a r a m e t e r s
34 y11=D;
35 y12=−1*P / e ;
36 y21=−1*P / e ;
37 y22=A;
38
39 %−−−[3]−−−a d m i t t a n c e p a r a m e t e r s e x p r e s s e d as p a r t i a l f r a c t i o n
e x p a n s i o n s
40 [ r11 , P11 , K11]= r e s i d u e ( y11 , B) ;
41 [ r12 , P12 , K12]= r e s i d u e ( y12 , B) ;
42 [ r21 , P21 , K21]= r e s i d u e ( y21 , B) ;
43 [ r22 , P22 , K22]= r e s i d u e ( y22 , B) ;
44
45 %−−−[4]−−− t r a n s v e r s a l c o u p l i n g ne twork m a t r i x r e a l i z a t i o n
46 %c a l c u l a t i o n o f c o u p l i n g s
47 M_sk= s q r t ( r11 ) ;
48 M_lk= r12 . / s q r t ( r11 ) ;
49 %c r e a t i o n o f t h e m a t r i x
50 M= z e r o s (N+2) ;
51 %m a t r i x d i a g o n a l
52 P11 = [ 0 ; P11 ; 0 ] ;
53 M= d i a g ( i *P11 , 0 ) ;
54 %Msk v a l u e s i n m a t r i x
55 M( 1 , 2 :N+1)=M_sk ;
56 M( 2 :N+1 ,1 ) =M_sk . ’ ;
57 %Mlk v a l u e s i n m a t r i x
58 M(N+ 2 , 2 :N+1)=M_lk ;
59 M( 2 :N+1 ,N+2)=M_lk . ’ ;
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APPENDIX C. Similarity transformations; from transversal topology to folded one.
1
2
3 % Coupl ing m a t r i x : t r a n s v e r s a l t o f o l d e d
4 f o r l =N+1:−1:3
5 k1 =1;
6 c=−1;
7 Or=c * a t a n (M( k1 , l ) /M( k1 , l −1) ) ;
8 R= d i a g ( ones ( 1 ,N+2) ) ;
9 R( l −1, l −1)= cos ( Or ) ;
10 R( l , l ) = cos ( Or ) ;
11 R( l , l −1)= s i n ( Or ) ;
12 R( l −1, l )=− s i n ( Or ) ;
13 M=R*M*R . ’ ;
14 r e a l (M)
15 end
16 f o r I =1 :N/2−1
17 f o r k=2+ I :N+1− I
18 l 1 =N+3− I ;
19 c =1;
20 Or=c * a t a n (M( k , l 1 ) /M( k +1 , l 1 ) ) ;
21 R= d i a g ( ones ( 1 ,N+2) ) ;
22 R( k +1 , k +1)= cos ( Or ) ;
23 R( k , k ) = cos ( Or ) ;
24 R( k +1 , k ) = s i n ( Or ) ;
25 R( k , k +1)=− s i n ( Or ) ;
26 M=R*M*R . ’ ;
27 r e a l (M)
28 end
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29 f o r l =N+1− I :−1:3+ I
30 k1=1+ I ;
31 c=−1;
32 Or=c * a t a n (M( k1 , l ) /M( k1 , l −1) ) ;
33 R= d i a g ( ones ( 1 ,N+2) ) ;
34 R( l −1, l −1)= cos ( Or ) ;
35 R( l , l ) = cos ( Or ) ;
36 R( l , l −1)= s i n ( Or ) ;
37 R( l −1, l )=− s i n ( Or ) ;
38 M=R*M*R . ’ ;
39 r e a l (M)
40 end
41 end
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RESUM
En aquest projecte es tracta la caracterització i modelatge d’un filtre de cavitats mitjançant el simulador
electromagnètic 3D HFSS. Partint de les especificacions d’un filtre real de telefonia es realitzarà una
caracterització completa, modelat i extracció del diagrama nodal ideal. Per a aconseguir-ho, prèviament
s’estudiarà el tipus de resposta a aconseguir i es caracteritzarà amb polinomis. Amb l’enfocament de la
matriu d’acoblament, primer un conjunt de característiques dels paràmetres S son creats. Seguidament es
defineix una topologia del filtre adecuada i finalment la corresponent matriu d’acoblament és sintetitzada.
Aquesta matriu d’acoblament defineix tot el filtre, i , amb això el corresponent filtre físic pot ser dissenyat
i fabricat. Per tancar l’intèrval entre la representació de la matriu d’acoblament d’un filtre i el filtre físic,
es dónen uns métodes per mesurar/calcular els acoblaments i el Q extern. Aquests paràmetres poden ser
determinats amb l’ús d’un simulador EM 3D com l’utilitzat en aquest projecte, HFSS.
RESUMEN
En este proyecto se trata la caracterización y modelado de un filtro de cavidad mediante el simulador
electromagnético 3D HFSS. Partiendo de las especificaciones de un filtro real de telefonía se realizará
una caracterización completa, modelado y extracción de diagrama nodal ideal. Para ello previamente se
estudiará el tipo de respuesta a conseguir y se caracterizará con polinomios. Con el enfoque de la matriz de
acoplo, primero un conjunto de características de los parámetros S son creadas. Seguidamente se define
una topología del filtro adecuada y finalmente la correspondiente matriz de acoplo es sintetizada. Esta
matriz de acoplo define del todo al filtro, y, con esto el correspondiente filtro físico puede ser diseñado
y fabricado. Para cerrar el intervalo entre la representación de la matriz de acoplo de un filtro y el filtro
físico, se dan unos métodos para medir/calcular los acoplos y el Q externo. Estos parámetros pueden ser
determinados con el uso de un simulador EM 3D como el utilizado en este proyecto, HFSS.
ABSTRACT
In this project the characterization of a cavity filter by 3D electromagnetic simulator HFSS is proposed.
Based on the specifications of a real cellular filter complete characterization, modeling and ideal nodal
diagram extraction will be performed. To do so, previously the kind of response to achieve will be stud-
ied and characterized with polynomials. With the coupling matrix synthesis approach, a set of filter
S-parameter characteristics is first created. Then a suitable filter topology is defined and finally the cor-
responding coupling matrix is synthesized. This coupling matrix fully defines the filter and, with this at
hand, the corresponding physical filter can be designed and manufactured. To close the gap between the
coupling matrix representation of a filter and the physical filter, practical directions about how to mea-
sure/calculate coupling bandwidths and external Q are given. These parameters can be determined by use
of 3D EM simulator as the one used in this project, HFSS.
